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Sensor Signal Conditioning Analog Devices Technical Staff Walt Kester, Editor Typically a sensor cannot be directly connected to the instruments that record, monitor, or process its signal, because the signal may be incompatible or may be too weak and/or noisy. The signal must be conditioned—i.e., cleaned up, ampliﬁed, and put into a compatible format. The following sections discuss the important aspects of sensor signal conditioning.



4.1 Conditioning Bridge Circuits Introduction This section discusses the fundamental concepts of bridge circuits. Resistive elements are some of the most common sensors. They are inexpensive to manufacture and relatively easy to interface with signal conditioning circuits. Resistive elements can be made sensitive to temperature, strain (by pressure or by ﬂex), and light. Using these basic elements, many complex physical phenomena can be measured, such as ﬂuid or mass ﬂow (by sensing the temperature difference between two calibrated resistances) and dew-point humidity (by measuring two different temperature points), etc. Bridge circuits are often incorporated into force, pressure and acceleration sensors. Sensor elements’ resistances can range from less than 100 Ω to several hundred kΩ, depending on the sensor design and the physical environment to be measured (See Figure 4.1.1). For example, RTDs (resistance temperature devices) are typically 100 Ω or 1000 Ω. Thermistors are typically 3500 Ω or higher. Figure 4.1.1: Resistance of popular sensors. Excerpted from Practical Design Techniques for Sensor Signal Conditioning, Analog Devices, Inc., www.analog.com.
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Bridge Circuits Resistive sensors such as RTDs and strain gages produce small percentage changes in resistance in response to a change in a physical variable such as temperature or force. Platinum RTDs have a temperature coefﬁcient of about 0.385%/°C. Thus, in order to accurately resolve temperature to 1°C, the measurement accuracy must be much better than 0.385 Ω, for a 100 Ω RTD. Strain gages present a signiﬁcant measurement challenge because the typical change in resistance over the entire operating range of a strain gage may be less than 1% of the nominal resistance value. Accurately measuring small resistance changes is therefore critical when applying resistive sensors. One technique for measuring resistance (shown in Figure 4.1.2) is to force a constant current through the resistive sensor and measure the voltage output. This requires both an accurate current source and an accurate means of measuring the voltage. Any change in the current will be interpreted as a resistance change. In addition, the power dissipation in the resistive sensor must be small, in accordance with the manufacturer’s recommendations, so that self-heating does not produce errors, therefore the drive Figure 4.1.2: Measuring resistance indirectly current must be small. using a constant current source. Bridges offer an attractive alternative for measuring small resistance changes accurately. The basic Wheatstone bridge (actually developed by S. H. Christie in 1833) is shown in Figure 4.1.3. It consists of four resistors connected to form a quadrilateral, a source of excitation (voltage or current) connected across one of the diagonals, and a voltage detector connected across the other diagonal. The detector measures the difference between the outputs of two voltage dividers connected across the excitation.



Figure 4.1.3: The Wheatstone bridge.
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A bridge measures resistance indirectly by comparison with a similar resistance. The two principal ways of operating a bridge are as a null detector or as a device that reads a difference directly as voltage. When R1/R4 = R2/R3, the resistance bridge is at a null, regardless of the mode of excitation (current or voltage, AC or DC), the magnitude of excitation, the mode of readout (current or voltage), or the impedance of the detector. Therefore, if the ratio of R2/R3 is ﬁxed at K, a null is achieved when R1 = K·R4. If R1 is unknown and R4 is an accurately determined variable resistance, the magnitude of R1 can be found by adjusting R4 until null is achieved. Conversely, in sensor-type measurements, R4 may be a ﬁxed reference, and a null occurs when the magnitude of the external variable (strain, temperature, etc.) is such that R1 = K·R4. Null measurements are principally used in feedback systems involving electromechanical and/or human elements. Such systems seek to force the active element (strain gage, RTD, thermistor, etc.) to balance the bridge by inﬂuencing the parameter being measured. For the majority of sensor applications employing bridges, however, the deviation of one or more resistors in a bridge from an initial value is measured as an indication of the magnitude (or a change) in the measured variable. In this case, the output voltage change is an indication of the resistance change. Because very small resistance changes are common, the output voltage change may be as small as tens of millivolts, even with VB = 10 V (a typical excitation voltage for a load cell application). In many bridge applications, there may be two, or even four, elements that vary. Figure 4.1.4 shows the four commonly used bridges suitable for sensor applications and the corresponding equations which relate the bridge output voltage to the excitation voltage and the bridge resistance values. In this case, we assume a constant voltage drive, VB. Note that since the bridge output is directly proportional to VB, the measurement accuracy can be no better than that of the accuracy of the excitation Figure 4.1.4: Output voltage and linearity error for constant voltage drive bridge conﬁgurations. voltage. 33
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In each case, the value of the ﬁxed bridge resistor, R, is chosen to be equal to the nominal value of the variable resistor(s). The deviation of the variable resistor(s) about the nominal value is proportional to the quantity being measured, such as strain (in the case of a strain gage) or temperature (in the case of an RTD). The sensitivity of a bridge is the ratio of the maximum expected change in the output voltage to the excitation voltage. For instance, if VB = 10 V, and the full-scale bridge output is 10 mV, then the sensitivity is 1 mV/V. The single-element varying bridge is most suited for temperature sensing using RTDs or thermistors. This conﬁguration is also used with a single resistive strain gage. All the resistances are nominally equal, but one of them (the sensor) is variable by an amount ∆R. As the equation indicates, the relationship between the bridge output and ∆R is not linear. For example, if R = 100 Ω, and ∆R = 0.152, (0.1% change in resistance), the output of the bridge is 2.49875 mV for VB = 10 V. The error is 2.50000 mV – 2.49875 mV, or 0.00125 mV. Converting this to a percent of full scale by dividing by 2.5 mV yields an end-point linearity error in percent of approximately 0.05%. (Bridge end-point linearity error is calculated as the worst error in % FS from a straight line which connects the origin and the end point at FS, i.e. the FS gain error is not included). If ∆R = 1 Ω (1% change in resistance), the output of the bridge is 24.8756 mV, representing an end-point linearity error of approximately 0.5%. The end-point linearity error of the single-element bridge can be expressed in equation form: Single-Element Varying Bridge End-Point Linearity Error ≈ % Change in Resistance ÷ 2



It should be noted that the above nonlinearity refers to the nonlinearity of the bridge itself and not the sensor. In practice, most sensors exhibit a certain amount of their own nonlinearity which must be accounted for in the ﬁnal measurement. In some applications, the bridge nonlinearity may be acceptable, but there are various methods available to linearize bridges. Since there is a ﬁxed relationship between the bridge resistance change and its output (shown in the equations), software can be used to remove the linearity error in digital systems. Circuit techniques can also be used to linearize the bridge output directly, and these will be discussed shortly. There are two possibilities to consider in the case of the two-element varying bridge. In the ﬁrst, Case (1), both elements change in the same direction, such as two identical strain gages mounted adjacent to each other with their axes in parallel. The nonlinearity is the same as that of the single-element varying bridge, however the gain is twice that of the single-element varying bridge. The two-element varying bridge is commonly found in pressure sensors and ﬂow meter systems.
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A second conﬁguration of the two-element varying bridge, Case (2), requires two identical elements that vary in opposite directions. This could correspond to two identical strain gages: one mounted on top of a ﬂexing surface, and one on the bottom. Note that this conﬁguration is linear, and like two-element Case (1), has twice the gain of the single-element conﬁguration. Another way to view this conﬁguration is to consider the terms R + ∆R and R – ∆R as comprising the two sections of a centertapped potentiometer. The all-element varying bridge produces the most signal for a given resistance change and is inherently linear. It is an industry-standard conﬁguration for load cells which are constructed from four identical strain gages. Bridges may also be driven from constant current sources as shown in Figure 4.1.5. Current drive, although not as popular as voltage drive, has an advantage when the bridge is located remotely from the source of excitation because the wiring resistance does not introduce errors in the measurement. Note also that with constant current excitation, all conﬁgurations are linear with the exception of the single-element varying case. In summary, there are Figure 4.1.5: Output voltage and linearity error many design issues refor constant current drive bridge conﬁgurations. lating to bridge circuits. After selecting the basic conﬁguration, the excitation method must be determined. The value of the excitation voltage or current must ﬁrst be determined. Recall that the full scale bridge output is directly proportional to the excitation voltage (or current). Typical bridge sensitivities are 1 mV/V to 10 mV/V. Although large excitation voltages yield proportionally larger full scale output voltages, they also result in higher power dissipation and the possibility of sensor resistor self-heating errors. On the other hand, low values of excitation voltage require more gain in the conditioning circuits and increase the sensitivity to noise.
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Regardless of its value, the stability of the excitation voltage or current directly affects the overall accuracy of the bridge output. Stable references and/or ratiometric techniques are required to maintain desired accuracy. Amplifying and Linearizing Bridge Outputs The output of a single-element varying bridge may be ampliﬁed by a single preciFigure 4.1.6: Bridge considerations. sion op-amp connected in the inverting mode as shown in Figure 4.1.7. This circuit, although simple, has poor gain accuracy and also unbalances the bridge due to loading from RF and the op amp bias current. The RF resistors must be carefully chosen and matched to maximize the common mode rejection (CMR). Also it is difﬁcult to maximize the CMR while at the same time allowing different gain options. In addition, the output is nonlinear. The key redeeming feature of the circuit is Figure 4.1.7: Using a single op amp as a bridge that it is capable of single supply ampliﬁer for a single-element varying bridge. operation and requires a single op amp. Note that the RF resistor connected to the non-inverting input is returned to VS/2 (rather than ground) so that both positive and negative values of ∆R can be accommodated, and the op amp output is referenced to VS/2. A much better approach is to use an instrumentation ampliﬁer (in-amp) as shown in Figure 4.1.8. This efﬁcient circuit provides better gain accuracy (usually set with a single resistor, RG) and does not unbalance the bridge. Excellent common mode rejection can be achieved with modern in-amps. Due to the bridge’s intrinsic characteristics, the output is nonlinear, but this can be corrected in the software (assuming that the in-amp output is digitized using an analog-to-digital converter and followed by a microcontroller or microprocessor). 36
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Various techniques are available to linearize bridges, but it is important to distinguish between the linearity of the bridge equation and the linearity of the sensor response to the phenomenon being sensed. For example, if the active element is an RTD, the bridge used to implement the measurement might have perfectly adequate linearity; yet the output could still be nonlinear due to the Figure 4.1.8: Using an instrumentation ampliﬁer RTD’s nonlinearity. Manufacturwith a single-element varying bridge. ers of sensors employing bridges address the nonlinearity issue in a variety of ways, including keeping the resistive swings in the bridge small, shaping complementary nonlinear response into the active elements of the bridge, using resistive trims for ﬁrst-order corrections, and others. Figure 4.1.9 shows a single-element varying active bridge in which an op amp produces a forced null, by adding a voltage in series with the variable arm. That voltage is equal in magnitude and opposite in polarity to the incremental voltage across the varying element and is linear with ∆R. Since it is an op amp output, it can be used as a low impedance output point for the bridge measurement. This active bridge has a gain of two over the standard single-element varying bridge, and the output is linear, even for large values of ∆R. Because of the small output signal, this bridge must usually be followed by a second ampliﬁer. The ampliﬁer used in this circuit requires dual supplies because its output must go negative.



Figure 4.1.9: Linearizing a single-element varying bridge method 1.
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Another circuit for linearizing a singleelement varying bridge is shown in Figure 4.1.10. The bottom of the bridge is driven by an op amp, which maintains a constant current in the varying resistance element. The output signal is taken from the right hand leg of the bridge and ampliﬁed by a non-inverting op amp. The output is linear, but the circuit requires two op amps which must operate on dual supplies. In addition, R1 and R2 must be matched for accurate gain.



Figure 4.1.10: Linearizing a singleelement varying bridge method 2.



A circuit for linearizing a voltage-driven two-element varying bridge is shown in Figure 4.1.11. This circuit is similar to Figure 4.1.9 and has twice the sensitivity. A dual supply op amp is required. Additional gain may be necessary. Figure 4.1.11: Linearizing a two-element varying bridge method 1 (constant voltage drive).



The two-element varying bridge circuit in Figure 4.1.12 uses an op amp, a sense resistor, and a voltage reference to maintain a constant current through the bridge (IB = VREF/RSENSE). The current through each leg of the bridge remains constant (IB/2) as the resistances change; therefore the output is a linear function of ∆R. An instrumentation ampliﬁer provides the additional gain. This circuit can be operated on a single supply with the proper choice of ampliﬁers and signal levels.
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Sensor Signal Conditioning Figure 4.1.12: Linearizing a twoelement varying bridge method 2 (constant voltage drive).



Driving Bridges Wiring resistance and noise pickup are the biggest problems associated with remotely located bridges. Figure 4.1.13 shows a 350 Ω strain gage which is connected to the rest of the bridge circuit by 100 feet of 30 gage twisted pair copper wire. The resistance of the wire at 25°C is 0.105 Ω/ft, or 10.5 Ω for 100ft. The total lead resistance in series with the 350 Ω strain gage is therefore 21 Ω. The temperature coefﬁcient of the copper wire is 0.385%/°C. Now we will calculate the gain and offset error in the bridge output due to a +10°C temperature rise in the Figure 4.1.13: Errors produced by wiring resistance for remote resistive bridge sensor. cable. These calculations are easy to make, because the bridge output voltage is simply the difference between the output of two voltage dividers, each driven from a +10 V source. The full-scale variation of the strain gage resistance (with ﬂex) above its nominal 350 Ω value is +1% (+3.5 Ω), corresponding to a full-scale strain gage resistance of 353.5 Ω, which causes a bridge output voltage of +23.45 mV. Notice that the addition of the 21 Ω RCOMP resistor compensates for the wiring resistance and balances the bridge when the strain gage resistance is 350 Ω. Without RCOMP, the bridge would have
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an output offset voltage of 145.63 mV for a nominal strain gage resistance of 350 Ω. This offset could be compensated for in software just as easily, but for this example, we chose to do it with RCOMP. Assume that the cable temperature increases +10°C above nominal room temperature. This results in a total lead resistance increase of +0.404 Ω (10.5 Ω × 0.00385/°C × 10°C) in each lead. Note: The values in parentheses in the diagram indicate the values at +35°C. The total additional lead resistance (of the two leads) is +0.808 Ω. With no strain, this additional lead resistance produces an offset of +5.44 mV in the bridge output. Full-scale strain produces a bridge output of +28.83 mV (a change of +23.39 mV from no strain). Thus the increase in temperature produces an offset voltage error of +5.44 mV (+23% full scale) and a gain error of –0.06 mV (23.39 mV – 23.45 mV), or –0.26% full scale. Note that these errors are produced solely by the 30 gage wire, and do not include any temperature coefﬁcient errors in the strain gage itself. The effects of wiring resistance on the bridge output can be minimized by the 3wire connection shown in Figure 4.1.14. We assume that the bridge output voltage is measured by a high impedance device, therefore there is no current in the sense lead. Note that the sense lead measures the voltage output of a divider: the top half is the bridge resistor plus the lead resistance, and the bottom half is strain gage resistance plus the lead resistance. The nominal Figure 4.1.14: 3-wire connection to remote bridge sense voltage is thereelement (single-element varying). fore independent of the lead resistance. When the strain gage resistance increases to full scale (353.5 Ω,), the bridge output increases to +24.15 mV. Increasing the temperature to +35°C increases the lead resistance by +0.404 Ω in each half of the divider. The full scale bridge output voltage decreases to +24.13 mV because of the small loss in sensitivity, but there is no offset error. The gain error due to the temperature increase of +10°C is therefore only –0.02 mV, or –0.08% of full scale. Compare this to the +23% full scale offset error and the –0.26% gain error for the two-wire connection shown in Figure 4.1.13. 40
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The three-wire method works well for remotely located resistive elements which make up one leg of a single-element varying bridge. However, all-element varying bridges generally are housed in a complete assembly, as in the case of a load cell. When these bridges are remotely located from the conditioning electronics, special techniques must be used to maintain accuracy. Of particular concern is maintaining the accuracy and stability of the bridge excitation voltage. The bridge output is directly proportional to the excitation voltage, and any drift in the excitation voltage produces a corresponding drift in the output voltage. For this reason, most all-element varying bridges (such as load cells) are six-lead assemblies: two leads for the bridge output, two leads for the bridge excitation, and two sense leads. This method (called Kelvin or 4-wire sensing) is shown in Figure 4.1.15. The sense lines go to high impedance op amp inputs, so there is minimal error due to the bias current induced voltage drop across their lead resistance. The op amps maintain the required excitation voltage to make the voltage measured between the sense leads always equal to VB. Although Kelvin sensing eliminates errors due to voltage drops in the wiring resistance, the drive voltages must still be highly Figure 4.1.15: Kelvin (4-wire) sensing stable since they directly affect the minimizes errors due to lead resistance. bridge output voltage. In addition, the op amps must have low offset, low drift, and low noise. The constant current excitation method shown in Figure 4.1.16 is another method for minimizing the effects of wiring resistance on the measurement accuracy. However, the accuracy of the reference, the sense resistor, and the op amp all inﬂuence the overall accuracy. A very powerful ratiometric technique which includes Kelvin sensing to minimize errors due to wiring resistance and also eliminates the need for an accurate excitation voltage is shown in Figure 4.1.17. The AD7730 measurement ADC can be driven from a single supply voltage which is also used to excite the remote bridge. Both the analog input and the reference input to the ADC are high impedance and fully differential. By using the + and – SENSE outputs from the bridge as the differential reference to the ADC, there is no loss in measurement accuracy if the actual bridge 41
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excitation voltage varies. The AD7730 is one of a family of sigma-delta ADCs with high resolution (24 bits) and internal programmable gain ampliﬁers (PGAs) and is ideally suited for bridge applications. These ADCs have self- and system calibration features which allow offset and gain errors due to the ADC to be minimized. For instance, the AD7730 has an offset drift of 5 nV/°C and a gain drift of 2 ppm/°C. Offset and gain errors can be reduced to a few microvolts using the system calibration feature.



Figure 4.1.16: Constant current excitation minimizes wiring resistance errors.



Figure 4.1.17: Driving remote bridge using Kelvin (4-wire) sensing and ratiometric connection to ADC.
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Maintaining an accuracy of 0.1% or better with a full-scale bridge output voltage of 20 mV requires that the sum of all offset errors be less than 20 µV. Figure 4.1.18 shows some typical sources of offset error that are inevitable in a system. Parasitic thermocouples whose junctions are at different temperatures can generate voltages between a few and tens of microvolts for a 1°C temperature differential. The diagram shows a typical parasitic junction formed between the copper printed circuit board traces and the kovar pins of the IC ampliﬁer. This thermocouple voltage is about Figure 4.1.18: Typical sources of offset voltage. 35 µV/°C temperature differential. The thermocouple voltage is signiﬁcantly less when using a plastic package with a copper lead frame. The ampliﬁer offset voltage and bias current are other sources of offset error. The ampliﬁer bias current must ﬂow through the source impedance. Any unbalance in either the source resistances or the bias currents produce offset errors. In addition, the offset voltage and bias currents are a function of temperature. High performance low offset, low offset drift, low bias current, and low noise precision ampliﬁers are required. In some cases, chopper-stabilized ampliﬁers may be the only solution. AC bridge excitation as shown in Figure 4.1.19 can effectively remove offset voltages in series with the bridge output. The concept is simple. The net bridge output voltage is measured under two conditions as shown. The ﬁrst measurement yields a measurement VA, where VA is the sum of the desired bridge output voltage VO and the net offset error voltage EOS. The Figure 4.1.19: AC excitation minimizes offset errors. polarity of the bridge excitation is reversed, and a second measurement VB is made. Subtracting VB from VA yields 2VO, and the offset error term EOS cancels as shown. 43
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Obviously, this technique requires a highly accurate measurement ADC (such as the AD7730) as well as a microcontroller to perform the subtraction. If a ratiometric reference is desired, the ADC must also accommodate the changing polarity of the reference voltage. Again, the AD7730 includes this capability. P-Channel and N-Channel MOSFETs can be conﬁgured Figure 4.1.20: Simpliﬁed AC bridge drive circuit. as an AC bridge driver as shown in Figure 4.1.20. Dedicated bridge driver chips are also available, such as the Micrel MIC4427. Note that because of the on-resistance of the MOSFETs, Kelvin sensing must be used in these applications. It is also important that the drive signals be non-overlapping to prevent excessive MOSFET switching currents. The AD7730 ADC has on chip circuitry to generate the required non-overlapping drive signals for AC excitation. References 1. Ramon Pallas-Areny and John G. Webster, Sensors and Signal Conditioning, John Wiley, New York, 1991. 2. Dan Sheingold, Editor, Transducer Interfacing Handbook, Analog Devices, Inc., 1980. 3. Walt Kester, Editor, 1992 Ampliﬁer Applications Guide, Section 2, 3, Analog Devices, Inc., 1992. 4. Walt Kester, Editor, System Applications Guide, Section 1, 6, Analog Devices, Inc., 1993. 5. AD7730 Data Sheet, Analog Devices, available at http://www.analog.com.
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4.2 Ampliﬁers for Signal Conditioning Introduction This section examines the critical parameters of ampliﬁers for use in precision signal conditioning applications. Offset voltages for precision IC op amps can be as low as 10 µV with corresponding temperature drifts of 0.1 µV/ºC. Chopper stabilized op amps provide offsets and offset voltage drifts which cannot be distinguished from noise. Open loop gains greater than 1 million are common, along with common mode and power supply rejection ratios of the same magnitude. Applying these precision ampliﬁers while maintaining the ampliﬁer performance can present signiﬁcant challenges to a design engineer, i.e., external passive component selection and PC board layout. It is important to understand that DC open-loop gain, offset voltage, power supply rejection (PSR), and common mode rejection (CMR) should not be the only considerations in selecting precision ampliﬁers. The AC performance of the ampliﬁer is also important, even at “low” frequencies. Open-loop gain, PSR, and CMR all have relatively low corner frequencies, and therefore what may be considered “low” frequency may actually fall above these corner frequencies, increasing errors above the value predicted solely by the DC parameters. For example, an ampliﬁer having a DC open-loop gain of 10 million and a unity-gain crossover frequency of 1 MHz has a corresponding corner frequency of 0.1 Hz! One must therefore consider the open loop gain at the actual signal frequency. The relationship between the single-pole unitygain crossover frequency, fu, the signal frequency, fsig, and the open-loop gain AVOL(fsig) (measured at the signal frequency) is given by:



( )



AVOL fsig =



fu fsig



Eq. 4.2.1



In the example above, the open loop gain is 10 at 100 kHz, and 100,000 at 10 Hz. Loss of open loop gain at the frequency of interest can introduce distortion, especially at audio frequencies. Loss of CMR or PSR at the line frequency or harmonics thereof can also introduce errors. The challenge of selecting the right ampliﬁer for a particular signal conditioning application has been complicated by the sheer proliferation of various types of ampliﬁers in various processes (Bipolar, Complementary Bipolar, BiFET, CMOS, BiCMOS, etc.) and architectures (traditional op amps, instrumentation ampliﬁers, chopper ampliﬁers, isolation ampliﬁers, etc.) In addition, a wide selection of precision ampliﬁers are now available which operate on single supply voltages, which



45



Chapter 4



complicates the design process even further because of the reduced signal swings and voltage input and output restrictions. Offset voltage and noise are now a more signiﬁcant portion of the input signal. Selection guides and parametric search engines which can simplify this process somewhat are available on the Internet (http:// www.analog.com) as well as on CDROM. Other manufacturers have Figure 4.2.1: Ampliﬁers for signal conditioning. similar information available. In this section, we will ﬁrst look at some key performance speciﬁcations for precision op amps. Other ampliﬁers will then be examined such as instrumentation ampliﬁers, chopper ampliﬁers, and isolation ampliﬁers. The implications of single supply operation will be discussed in detail because of their signiﬁcance in today’s designs, which often operate from batteries or other low power sources. Precision Op Amp Characteristics Input Offset Voltage Input offset voltage error is usually one of the largest error sources for precision ampliﬁer circuit designs. However, it is a systemic error and can usually be dealt with by using a manual offset null trim or by system calibration techniques using a microcontroller or microprocessor. Both solutions carry a cost penalty, and today’s precision op amps offer initial offset voltages as low as 10 µV for bipolar devices, and far less for chopper stabilized ampliﬁers. With low offset ampliﬁers, it is possible to eliminate the need for manual trims or system calibration routines. Measuring input offset voltages of a few microvolts requires that the test circuit does not introduce more error than the offset voltage itself. Figure 4.2.2 shows a circuit for measuring offset voltage. The circuit ampliﬁes the input offset voltage by the noise gain (1001). The measurement is made at the ampliﬁer output using an accurate digital voltmeter. The offset re-



Figure 4.2.2: Measuring input offset voltage. 46
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ferred to the input (RTI) is calculated by dividing the output voltage by the noise gain. The small source resistance seen at R1||R2 results in negligible bias current contribution to the measured offset voltage. For example, 2 nA bias current ﬂowing through the 10 Ω resistor produces a 0.02 µV error referred to the input. As simple as it looks, this circuit may give inaccurate results. The largest potential source of error comes from parasitic thermocouple junctions formed where two different metals are joined. The thermocouple voltage formed by temperature difference between two junctions can range from 2 µV/ºC to more than 40 µV/ºC. Note that in the circuit additional resistors have been added to the non-inverting input in order to exactly match the thermocouple junctions in the inverting input path. The accuracy of the measurement depends on the mechanical layout of the components and how they are placed on the PC board. Keep in mind that the two connections of a component such as a resistor create two equal, but opposite polarity thermoelectric voltages (assuming they are connected to the same metal, such as the copper trace on a PC board) which cancel each other assuming both are at exactly the same temperature. Clean connections and short lead lengths help to minimize temperature gradients and increase the accuracy of the measurement. Airﬂow should be minimal so that all the thermocouple junctions stabilize at the same temperature. In some cases, the circuit should be placed in a small closed container to eliminate the effects of external air currents. The circuit should be placed ﬂat on a surface so that convection currents ﬂow up and off the top of the board, not across the components as would be the case if the board was mounted vertically. Measuring the offset voltage shift over temperature is an even more demanding challenge. Placing the printed circuit board containing the ampliﬁer being tested in a small box or plastic bag with foam insulation prevents the temperature chamber air current from causing thermal gradients across the parasitic thermocouples. If cold testing is required, a dry nitrogen purge is recommended. Localized temperature cycling of the ampliﬁer itself using a Thermostream-type heater/cooler may be an alternative. However, these units tend to generate quite a bit of airﬂow, which can be troublesome. In addition to temperature related drift, the offset voltage of an ampliﬁer changes as time passes. This aging effect is generally speciﬁed as long-term stability in µV/ month, or µV/1000 hours, but this is misleading. Since aging is a “drunkard’s walk” phenomenon, it is proportional to the square root of the elapsed time. An aging rate of 1 µV/1000 hours becomes about 3 µV/year, not 9 µV/year. Long-term stability of the OP177 and the AD707 is approximately 0.3 µV/month. This refers to a time period
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after the ﬁrst 30 days of operation. Excluding the initial hour of operation, changes in the offset voltage of these devices during the ﬁrst 30 days of operation are typically less than 2 µV. As a general rule of thumb, it is prudent to control ampliﬁer offset voltage by device selection whenever possible, bus sometimes trim may be desired. Many precision op amps have pins available for optional offset null. Generally, two pins are joined by a potentiometer, and the wiper goes to one of the supplies through a resistor as shown in Figure 4.2.3. If the wiper is connected to the wrong supply, the op amp will probably be destroyed, so the data sheet instructions must be carefully observed! The range of offset adjustment in a precision op amp should be no more than two or three times the maximum offset voltage of the lowest grade device, in order to minimize the sensitivity of these pins. The voltage gain of an op amp between its offset adjustment pins and its output may actually be greater than the gain at its signal inputs! It is therefore very important to keep these pins free of noise. It is inadvisable to have long leads from an op amp to a remote potentiometer. To minimize any offset error due to supply current, connect R1 directly to the pertinent device supply pin, such Figure 4.2.3: OP177/AD707 offset as pin 7 shown in the diagram. adjustment pins. It is important to note that the offset drift of an op amp with temperature will vary with the setting of its offset adjustment. In most cases a bipolar op amp will have minimum drift at minimum offset. The offset adjustment pins should therefore be used only to adjust the op amp’s own offset, not to correct any system offset errors, since this would be at the expense of increased temperature drift. The drift penalty for a JFET input op amp is much worse than for a bipolar input and is in the order of 4 µV/ºC for each millivolt of nulled offset voltage. It is generally better to control the offset voltage by proper selection of devices and device grades. Dual, triple, quad, and single op amps in small packages do not generally have null capability because of pin count limitations, and offset adjustments must be done elsewhere in the system when using these devices. This can be accomplished with minimal impact on drift by a universal trim, which sums a small voltage into the input.
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Input Offset Voltage and Input Bias Current Models Thus far, we have considered only the op amp input offset voltage. However, the input bias currents also contribute to offset error as shown in the generalized model of Figure 4.2.4. It is useful to refer all offsets to the op amp input (RTI) so that they can be easily compared with the input signal. The equations in the diagram are given for the total offset voltage referred to input (RTI) and referred to output (RTO). For a precision op amp having a standard bipolar input stage using either PNPs or NPNs, the input bias currents are typically 50 nA Figure 4.2.4: Op amp total offset voltage model. to 400 nA and are well matched. By making R3 equal to the parallel combination of R1 and R2, their effect on the net RTI and RTO offset voltage is approximately canceled, thus leaving the offset current, i.e., the difference between the input currents as an error. This current is usually an order of magnitude lower than the bias current speciﬁcation. This scheme, however, does not work for bias-current compensated bipolar op amps (such as the OP177 and the AD707) as shown in Figure 4.2.5. Bias-current compensated input stages have most of the good features of the simple bipolar input stage: low offset and drift, and low voltage noise. Their bias current is low and fairly stable over temperature. The additional current sources reduce the net bias currents typically to between 0.5 nA and 10 nA. However, the signs of the + and – input bias currents may or may not be the same, and they are not well matched, but are very low. Typically, the speciﬁcation for the offset current (the difference between the + and – input bias currents) in bias-current compensated op amps is generally about the same as the individual bias currents. In the case of the standard bipolar differential Figure 4.2.5: Input bias current compensated op amps. 49
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pair with no bias-current compensation, the offset current speciﬁcation is typically ﬁve to ten times lower than the bias current speciﬁcation. DC Open Loop Gain Nonlinearity It is well understood that in order to maintain accuracy, a precision ampliﬁer’s DC open loop gain, AVOL, should be high. This can be seen by examining the equation for the closed loop gain: Closed Loop Gain = AVCL =



NG NG 1+ AVOL



Eq. 4.2.2



Noise gain (NG) is simply the gain seen by a small voltage source in series with the op amp input and is also the ampliﬁer signal gain in the noninverting mode. If AVOL in the above equation is inﬁnite, the closed loop gain is exactly equal to the noise gain. However, for ﬁnite values of AVOL, there is a closed loop gain error given by the equation: % Gain Error =



NG NG × 100% ≈ × 100%, for NG << AVOL AVOL NG + AVOL



Eq. 4.2.3 Notice from the equation that the percent gain error is directly proportional to the noise gain, therefore the effects of ﬁnite AVOL are less for low gain. The ﬁrst example in Figure 4.2.6 where the noise gain is 1000 shows that for an open loop gain of 2 million, there is a gain error of about 0.05%. If the open loop gain stays constant over temperature and for various output loads and voltages, the gain error can be calibrated out of the measurement, and there is then no overall system gain error.



Figure 4.2.6: Changes in DC open loop gain cause closed loop gain uncertainty. 50
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If, however, the open loop gain changes, the closed loop gain will also change, thereby introducing a gain uncertainty. In the second example in the ﬁgure, an AVOL decrease to 300,000 produces a gain error of 0.33%, introducing a gain uncertainty of 0.28% in the closed loop gain. In most applications, using the proper ampliﬁer, the resistors around the circuit will be the largest source of gain error. Changes in the output voltage level and the output loading are the most common causes of changes in the open loop gain of op amps. A change in open loop gain with signal level produces nonlinearity in the closed loop gain transfer function which cannot be removed during system calibration. Most op amps have ﬁxed loads, so AVOL changes with load are not generally important. However, the sensitivity of AVOL to output signal level may increase for higher load currents. The severity of the nonlinearity varies widely from device type to device type, and is generally not speciﬁed on the data sheet. The minimum AVOL is always speciﬁed, and choosing an op amp with a high AVOL will minimize the probability of gain nonlinearity errors. Gain nonlinearity can come from many sources, depending on the design of the op amp. One common source is thermal feedback. If temperature shift is the sole cause of the nonlinearity error, it can be assumed that minimizing the output loading will help. To verify this, the nonlinearity is measured with no load and then compared to the loaded condition. An oscilloscope X-Y display test circuit for measuring DC open loop gain nonlinearity is shown in Figure 4.2.7. The same precautions previously discussed relating to the offset voltage test circuit must be observed in this circuit. The ampliﬁer is conﬁgured for a signal gain of –1. The open loop gain is deﬁned as the change in output voltage divided by the change in the input offset voltage. However, for large values of AVOL, the offset may change only a few microvolts over the entire output voltage swing. Therefore the divider consisting of the 10 Ω resistor and RG (1 MΩ) forces the voltage VY to be : R   VY = 1 + G  VOS = 100, 001 • VOS  10Ω 



Eq. 4.2.4



The value of RG is chosen to give measurable voltages at VY depending on the expected values of VOS. The ±10 V ramp generator output is multiplied by the signal gain, –1, and forces the op amp output voltage VX to swing from +10 V to –10 V. Because of the gain factor applied to the offset voltage, the offset adjust potentiometer is added to allow the initial output offset to be set to zero. The resistor values chosen will null an input offset voltage of up to ±10 mV. Stable 10 V voltage references should be used at each end 51
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of the potentiometer to prevent output drift. Also, the frequency of the ramp generator must be quite low, probably no more than a fraction of 1 Hz because of the low corner frequency of the open loop gain (0.1 Hz for the OP177).



Figure 4.2.7: Circuit measures open loop gain nonlinearity.



The plot on the right-hand side of Figure 4.2.7 shows VY plotted against VX. If there is no gain nonlinearity the graph will have a constant slope, and AVOL is calculated as follows: AVOL =



 ∆V  R   ∆V  ∆VX  = 1 + G   X  = 100, 001 •  X  ∆VOS  10Ω   ∆VY   ∆VY 



Eq. 4.2.5



If there is nonlinearity, AVOL will vary as the output signal changes. The approximate open loop gain nonlinearity is calculated based on the maximum and minimum values of AVOL over the output voltage range: Open Loop Gain Nonlinearity =



1



AVOL , MIN



−



1



Eq. 4.2.6



AVOL , MAX



The closed loop gain nonlinearity is obtained by multiplying the open loop gain nonlinearity by the noise gain, NG: 



Closed Loop Gain Nonlinearity ≈ NG • 



1



 AVOL , MIN



−



  AVOL , MAX  1



Eq. 4.2.7



In the ideal case, the plot of VOS versus VX would have a constant slope, and the reciprocal of the slope is the open loop gain, AVOL. A horizontal line with zero slope would indicate inﬁnite open loop gain. In an actual op amp, the slope may change across the output range because of nonlinearity, thermal feedback, etc. In fact, the slope can even change sign. 52
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Figure 4.2.8 shows the VY (and VOS) versus VX plot for the OP177 precision op amp. The plot is shown for two different loads, 2 kΩ and 10 kΩ. The reciprocal of the slope is calculated based on the end points, and the average AVOL is about 8 million. The maximum and minimum values of AVOL across the output voltage range are measured to be approximately 9.1 million, and 5.7 million, respectively. This corresponds to an open Figure 4.2.8: OP177 gain nonlinearity. loop gain nonlinearity of about 0.07ppm. Thus, for a noise gain of 100, the corresponding closed loop gain nonlinearity is about 7ppm. Op Amp Noise The three noise sources in an op amp circuit are the voltage noise of the op amp, the current noise of the op amp (there are two uncorrelated sources, one in each input), and the Johnson noise of the resistances in the circuit. Op amp noise has two components, “white” noise at medium frequencies and low frequency “1/f” noise, whose spectral density is inversely proportional to the square root of the frequency. It should be noted that, though both the voltage and the current noise may have the same characteristic behavior, in a INPUT VOLTAGE NOISE,nV / √Hz 0.1Hz to 10Hz VOLTAGE NOISE particular ampliﬁer the 30 1/f corner frequency is 25 not necessarily the same 1/F CORNER 20 for voltage and current F = 0.7Hz 200nV 15 noise (it is usually speciv (WHITE) ﬁed for the voltage noise 10 as shown in Figure 4.2.9. 5 C
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The low frequency noise is generally known as 1/f noise (the noise power obeys a 1/f law—the noise voltage or noise current is proportional
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For FL = 0.1Hz, FH = 10Hz, vnw = 10nV/√Hz, FC = 0.7Hz: Vn,rms = 36nV Vn,pp = 6.6 × 36nV = 238nV



Figure 4.2.9: Input voltage noise for OP177/AD707.
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to 1/√f). The frequency at which the 1/f noise spectral density equals the white noise is known as the 1/f corner frequency, FC, and is a ﬁgure of merit for an op amp, with low corner frequencies indicating better performance. Values of 1/f corner frequency vary from less than 1 Hz high accuracy bipolar op amps like the OP177/AD707, several hundred Hz for the AD743/745 FET-input op amps, to several thousands of Hz for some high speed op amps where process compromises favor high speed rather than low frequency noise. For the OP177/AD707 shown in Figure 4.2.9, the 1/f corner frequency is 0.7 Hz, and the white noise is 10 nV/√Hz. The low frequency 1/f noise is often expressed as the peak-to-peak noise in the bandwidth 0.1 Hz to 10 Hz as shown in the scope photo in Figure 4.2.9. Note that this noise ultimately limits the resolution of a precision measurement system because the bandwidth up to 10 Hz is usually the bandwidth of most interest. The equation for the total rms noise, Vn,rms, in the bandwidth FL to FH is given by the equation: F  Vn,rms ( FH , FL ) = vnw FC 1n  H  + ( FH − FL )  FL 



Eq. 4.2.8



where vnw is the noise spectral density in the “white noise” region (usually speciﬁed at a frequency of 1 kHz), FC is the 1/f corner frequency, and FL and FH is the measurement bandwidth of interest. In the example shown, the 0.1 Hz to 10 Hz noise is calculated to be 36nV rms, or approximately 238 nV peak-to-peak, which closely agrees with the scope photo on the right (a factor of 6.6 is generally used to convert rms values to peak-to-peak values). It should be noted that at higher frequencies, the term in the equation containing the natural logarithm becomes insigniﬁcant, and the expression for the rms noise becomes: Vn,rms ( FH , FL ) ≈ vnw FH − FL



And, if FH >> FL,



Vn,rms ( FH ) ≈ vnw FH



Eq. 4.2.9



However, some op amps (such as the OP07 and OP27) have voltage noise characteristics that increase slightly at high frequencies. The voltage noise versus frequency curve for op amps should therefore be examined carefully for ﬂatness when calculating high frequency noise using this approximation.
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At very low frequencies when operating exclusively in the 1/f region, FC >> (FH – FL), and the expression for the rms noise reduces to: F  Vn,rms ( FH , FL ) ≈ vnw FC 1n  H   FL 



Eq. 4.2.10



Note that there is no way of reducing this 1/f noise by ﬁltering if operation extends to DC. Making FH = 0.1 Hz and FL = 0.001 still yields an rms 1/f noise of about 18 nV rms, or 119 nV peak-to-peak. The point is that averaging the results of a large number of measurements taken over a long period of time has practically no effect on the error produced by 1/f noise. The only method of reducing it further is to use a chopper stabilized op amp which does not pass the low frequency noise components. A generalized noise model for an op amp is shown in Figure 4.2.10. All uncorrelated noise sources add as a root-sum-of-squares manner, i.e., noise voltages V1, V2, and V3 give a result of: Eq. 4.2.11



V 12 + V 2 2 + V 32



Thus, any noise voltage which is more than four or ﬁve times any of the others is dominant, and the others may generally be ignored. This simpliﬁes noise analysis. In this diagram, the total noise of all sources is shown referred to the input (RTI). The RTI noise is useful because it can be compared directly to the input signal level. The total noise referred to the output (RTO) is obtained by simply multiplying the RTI noise by the noise gain. The diagram assumes that the feedback network is purely resistive. If it contains reactive elements (usually capacitors), the noise gain is not constant over the bandwidth of interest, and more complex techniques must be used to calculate the total noise (see in particular, Reference 12). However, for precision applications where the feedback network is most likely to be resistive, the equations are valid. Notice that the Johnson noise voltage associated with the three resistors has been included. All resistors have a Johnson noise of 4 kTBR, where k is Boltzmann’s Constant (1.38 × 10–23 J/K), T is the absolute temperature, B is the bandwidth in Hz, and R is the resistance in Ω. A simple relationship which is easy to remember is that a 1000 Ω resistor generates a Johnson noise of 4nV/√Hz at 25ºC.
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The voltage noise of various op amps may vary from under 1nV/√Hz to 20nV/√Hz, or even more. Bipolar input op amps tend to have lower voltage noise than JFET input ones, although it is possible to make JFET input op amps with low voltage noise (such as the AD743/AD745), at the cost of large input devices and hence large (~20pF) input capacitance. Current noise can vary much more widely, from around 0.1fA/√Hz (in JFET input electrometer op amps) to several pA/√Hz (in high speed bipolar op amps). For bipolar or JFET input devices where all the bias current ﬂows into the input junction, the current noise is simply the Schottky (or shot) noise of the bias current. The shot noise spectral density is simply 2IBq amps/√Hz, where IB is the bias current (in amps) and q is the charge on an electron (1.6 × 10–19 C). It cannot be calculated for bias-compensated or current feedback op amps where the external bias current is the difference between two internal current sources. Current noise is only important when it ﬂows through an impedance and in turn generates a noise voltage. The equation shown in Figure 4.2.10 shows how the current noise ﬂowing in the resistors contribute to the total noise. The choice of a low noise op amp therefore depends on the impedances around it. Consider an OP27, a bias compensated op amp with low voltage noise (3 nV/√Hz), but quite high current noise (1 pA/√Hz) as shown in the schematic of Figure 4.2.11. With zero source impedance, the voltage noise dominates. With a source resistance of 3 kΩ, the current noise (1 pA/√Hz) ﬂowing in 3 kΩ will equal the voltage noise, but the Johnson noise of the 3 kΩ resistor is 7 nV/√Hz and so is dominant. With a source resistance of 300 kΩ, the effect of the current noise increases a hundredfold to 300 nV/√Hz, while the voltage noise is unchanged, and the Johnson noise (which is proportional to the square root of the resistance) increases tenfold. Here, the current noise dominates.



Figure 4.2.10: Op amp noise model. 56
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Figure 4.2.11: Different noise sources dominate at different source impedance.



The previous example shows that the choice of a low noise op amp depends on the source impedance of the input signal, and at high impedances, current noise always dominates. This is shown in Figure 4.2.12 for several bipolar (OP07, OP27, 741) and JFET (AD645, AD743, AD744) op amps. 100
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Figure 4.2.12: Different ampliﬁers are best at different source impedance levels.



For low impedance circuitry (generally < 1 kΩ), ampliﬁers with low voltage noise, such as the OP27 will be the obvious choice, and their comparatively large current noise will not affect the application. At medium resistances, the Johnson noise of resistors is dominant, while at very high resistances, we must choose an op amp with the smallest possible current noise, such as the AD549 or AD645. 57
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Until recently, BiFET ampliﬁers (with JFET inputs) tended to have comparatively high voltage noise (though very low current noise), and thus were more suitable for low noise applications in high rather than low impedance circuitry. The AD645, AD743, and AD745 have very low values of both voltage and current noise. The AD645 speciﬁcations at 10 kHz are 10nV/√Hz and 0.6fA/√Hz, and the AD743/ AD745 speciﬁcations at 10 kHz are 2.0 nV/√Hz and 6.9 fA/√Hz. These make possible the design of low noise ampliﬁer circuits which have low noise over a wide range of source impedances. Common Mode Rejection and Power Supply Rejection If a signal is applied equally to both inputs of an op amp so that the differential input voltage is unaffected, the output should not be affected. In practice, changes in common mode voltage will produce changes in the output. The common mode rejection ratio or CMRR is the ratio of the common mode gain to the differential- mode gain of an op amp. For example, if a differential input change of Y volts will produce a change of 1 V at the output, and a common mode change of X volts produces a similar change of 1 V, then the CMRR is X/Y. It is normally expressed in dB, and typical LF values are between 70 and 120 dB. When expressed in dB, it is generally referred to as common mode rejection (CMR). At higher frequencies, CMR deteriorates— many op amp data sheets show a plot of CMR versus frequency as shown in Figure 4.2.13 for the OP177/AD707 precision op amps.



Figure 4.2.13: OP177/AD707 common mode rejection (CMR).
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CMRR produces a corresponding output offset voltage error in op amps conﬁgured in the non-inverting mode as shown in Figure 4.2.14. Op amps conﬁgured in the inverting mode have no CMRR output error because both inputs are at ground or virtual ground, so there is no common mode voltage, only the offset voltage of the ampliﬁer if un-nulled.



Figure 4.2.14: Calculating offset error due to common mode rejection ratio (CMRR).



If the supply of an op amp changes, its output should not, but it will. The speciﬁcation of power supply rejection ratio or PSRR is deﬁned similarly to the deﬁnition of CMRR. If a change of X volts in the supply produces the same output change as a differential input change of Y volts, then the PSRR on that supply is X/Y. When the ratio is expressed in dB, it is generally referred to as power supply rejection, or PSR. The deﬁnition of PSRR assumes that both supplies are altered equally in opposite directions—otherwise the change will introduce a common mode change as well as a supply change, and the analysis becomes considerably more complex. It is this effect which causes apparent differences in PSRR between the positive and negative supplies. In the case of single supply op amps, PSR is generally deﬁned with respect to the change in the positive supply. Many single supply op amps have separate PSR speciﬁcations for the positive and negative supplies. The PSR of the OP177/AD707 is shown Figure 4.2.15: OP177/AD707 power supply rejection (PSR). in Figure 4.2.15. 59
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The PSRR of op amps is frequency dependent, therefore power supplies must be well decoupled as shown in Figure 4.2.16. At low frequencies, several devices may share a 10–50 µF capacitor on each supply, provided it is no more than 10cm (PC track distance) from any of them. At high frequencies, each IC must have every supply decoupled by a low inductance capacitor (0.1 µF or so) with short leads and Figure 4.2.16: Proper low and high-frequency PC tracks. These capacitors must decoupling techniques for op amps. also provide a return path for HF currents in the op amp load. Decoupling capacitors should be connected to a low impedance large area ground plane with minimum lead lengths. Surface mount capacitors minimize lead inductance and are a good choice. Ampliﬁer DC Error Budget Analysis A room temperature error budget analysis for the OP177A op amp is shown in Figure 4.2.17. The ampliﬁer is connected in the inverting mode with a signal gain of 100. The key data sheet speciﬁcations are also shown in the diagram. We assume an input signal of 100 mV full scale which corresponds to an output signal of 10 V. The various error sources are normalized to full scale and expressed in parts per million (ppm). Note: parts per million (ppm) error = fractional error × 106 = % error × 104. Note that the offset errors due to VOS and IOS and the gain error due to ﬁnite AVOL can be removed with a system calibration. However, the error due to open loop gain nonlinearity cannot be removed with calibration and produces a relative accuracy error, often called resolution error.



Figure 4.2.17: Precision op amp (OP177A) DC error budget.
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The second contributor to resolution error is the 1/f noise. This noise is always present and adds to the uncertainty of the measurement. The overall relative accuracy of the circuit at room temperature is 9 ppm which is equivalent to approximately 17 bits of resolution. Single Supply Op Amps Over the last several years, singlesupply operation has become an increasingly important requirement because of market requirements. AutoFigure 4.2.18: Single supply ampliﬁers. motive, set-top box, camera/camcorder, PC, and laptop computer applications are demanding IC vendors to supply an array of linear devices that operate on a single supply rail, with the same performance of dual supply parts. Power consumption is now a key parameter for line or battery operated systems, and in some instances, more important than cost. This makes low-voltage/ low supply current operation critical; at the same time, however, accuracy and precision requirements have forced IC manufacturers to meet the challenge of “doing more with less” in their ampliﬁer designs. In a single-supply application, the most immediate effect on the performance of an ampliﬁer is the reduced input and output signal range. As a result of these lower input and output signal excursions, ampliﬁer circuits become more sensitive to internal and external error sources. Precision ampliﬁer offset voltages on the order of 0.1 mV are less than a 0.04 LSB error source in a 12-bit, 10 V full-scale system. In a single-supply system, however, a “rail-to-rail” precision ampliﬁer with an offset voltage of 1 mV represents a 0.8 LSB error in a 5 V full-scale system, and 1.6 LSB error in a 2.5 V fullscale system. To keep battery current drain low, larger resistors are usually used around the op amp. Since the bias current ﬂows through these larger resistors, they can generate offset errors equal to or greater than the ampliﬁer’s own offset voltage. Gain accuracy in some low voltage single-supply devices is also reduced, so device selection needs careful consideration. Many ampliﬁers having open-loop gains in the millions typically operate on dual supplies: for example, the OP07 family types. However, many single-supply/rail-to-rail ampliﬁers for precision applications typically have open-loop gains between 25,000 and 30,000 under light loading (>10 kΩ). Selected devices, like the OP113/213/413 family, do have high open-loop gains (i.e., > 1M). 61
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Many trade-offs are possible in the design of a single-supply ampliﬁer circuit: speed versus power, noise versus power, precision versus speed and power, etc. Even if the noise ﬂoor remains constant (highly unlikely), the signal-to-noise ratio will drop as the signal amplitude decreases. Besides these limitations, many other design considerations that are otherwise minor issues in dual-supply ampliﬁers now become important. For example, signal-to-noise (SNR) performance degrades as a result of reduced signal swing. “Ground reference” is no longer a simple choice, as one reference voltage may work for some devices, but not others. Ampliﬁer voltage noise increases as operating supply current drops, and bandwidth decreases. Achieving adequate bandwidth and required precision with a somewhat limited selection of ampliﬁers presents signiﬁcant system design challenges in single-supply, low-power applications. Most circuit designers take “ground” reference for granted. Many analog circuits scale their input and output ranges about a ground reference. In dual-supply applications, a reference that splits the supplies (0 V) is very convenient, as there is equal supply headroom in each direction, and 0 V is generally the voltage on the low impedance ground plane. In single-supply/rail-to-rail circuits, however, the ground reference can be chosen anywhere within the supply range of the circuit, since there is no standard to follow. The choice of ground reference depends on the type of signals processed and the ampliﬁer characteristics. For example, choosing the negative rail as the ground reference may optimize the dynamic range of an op amp whose output is designed to swing to 0 V. On the other hand, the signal may require level shifting in order to be compatible with the input of other devices (such as ADCs) that are not designed to operate at 0 V input. Early single-supply “zero-in, zero-out” ampliﬁers were designed on bipolar processes which optimized the performance of the NPN transistors. The PNP transistors were either lateral or substrate PNPs with much less bandwidth than the NPNs. Fully complementary processes are now required for the new-breed of single-supply/rail-torail operational ampliﬁers. These new ampliﬁer designs do not use lateral or substrate PNP transistors within the signal path, but incorporate parallel NPN and PNP input stages to accommodate input signal swings from ground to the positive supply rail. Furthermore, rail-to-rail output stages are designed with bipolar NPN and PNP common-emitter, or N-channel/P-channel common-source ampliﬁers whose collector-emitter saturation voltage or drain-source channel on-resistance determine output signal swing as a function of the load current.
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The characteristics of a single-supply ampliﬁer input stage (common mode rejection, input offset voltage and its temperature coefﬁcient, and noise) are critical in precision, low-voltage applications. Rail-to-rail input operational ampliﬁers must resolve small signals, whether their inputs are at ground, or in some cases near the ampliﬁer’s positive supply. Ampliﬁers having a minimum of 60 dB common mode rejection over the entire input common mode voltage range from 0 V to the positive supply are good candidates. It is not necessary that ampliﬁers maintain common mode rejection for signals beyond the supply voltages: what is required is that they do not self-destruct for momentary overvoltage conditions. Furthermore, ampliﬁers that have offset voltages less than 1 mV and offset voltage drifts less than 2 µV/°C are also very good candidates for precision applications. Since input signal dynamic range and SNR are equally if not more important than output dynamic range and SNR, precision singlesupply/rail-to-rail operational ampliﬁers should have noise levels referred-to-input (RTI) less than 5 µVp-p in the 0.1 Hz to 10 Hz band. The need for rail-to-rail ampliﬁer output stages is driven by the need to maintain wide dynamic range in low-supply voltage applications. A single-supply/rail-to-rail ampliﬁer should have output voltage swings which are within at least 100 mV of either supply rail (under a nominal load). The output voltage swing is very dependent on output stage topology and load current. The voltage swing of a good output stage should maintain its rated swing for loads down to 10 kΩ. The smaller the VOL and the larger the VOH, the better. System parameters, such as “zero-scale” or “full-scale” output voltage, should be determined by an ampliﬁer’s VOL (for zero-scale) and VOH (for full-scale). Since the majority of single-supply data acquisition systems require at least 12- to 14bit performance, ampliﬁers which exhibit an open-loop gain greater than 30,000 for all loading conditions are good choices in precision applications. Single Supply Op Amp Input Stages There is some demand for op amps whose input common mode voltage includes both supply rails. Such a feature is undoubtedly useful in some applications, but engineers should recognize that there are relatively few applications where it is absolutely essential. These should be carefully distinguished from the many applications where common mode range close to the supplies or one that includes one of the supplies is necessary, but input rail-to-rail operation is not. In many single-supply applications, it is required that the input go to only one of the supply rails (usually ground). High-side or low-side sensing applications are good examples of this. Ampliﬁers which will handle zero-volt inputs are relatively easily
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designed using PNP differential pairs (or N-channel JFET pairs) as shown in Figure 4.2.19. The input common mode range of such an op amp extends from about 200 mV below the negative supply to within about 1 V of the positive supply. The input stage could also be designed with NPN Figure 4.2.19: PNP or N-channel JFET stages transistors (or P-channel allow input signal to go to the negative rail. JFETs), in which case the input common mode range would include the positive rail and to within about 1 V of the negative rail. This requirement typically occurs in applications such as high-side current sensing, a low-frequency measurement application. The OP282/OP482 input stage uses the P-channel JFET input pair whose input common mode range includes the positive rail. Other circuit topologies for high-side sensing (such as the AD626) use the precision resistors to attenuate the common mode voltage. True rail-to-rail input stages require two long-tailed pairs (see Figure 4.2.20), one of NPN bipolar transistors (or N-channel JFETs), the other of PNP transistors (or Pchannel JFETs). These two pairs exhibit different offsets and bias currents, so when the applied input common mode voltage changes, the ampliﬁer input offset voltage and input bias current does also. In fact, when both current sources remain active throughout the entire input common mode range, ampliﬁer input offset voltage is the average offset voltage of the NPN pair and the PNP pair. In those designs where the current sources are alternatively switched off at some point along the input common mode voltage, ampliﬁer input offset voltage is dominated by the PNP pair offset voltage for signals near the negative supply, and by the NPN pair Figure 4.2.20: True rail-to-rail input stage.
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offset voltage for signals near the positive supply. It should be noted that true rail- torail input stages can also be constructed from CMOS transistors as in the case of the OP250/450 and the AD8531/8532/8534. Ampliﬁer input bias current, a function of transistor current gain, is also a function of the applied input common mode voltage. The result is relatively poor common mode rejection (CMR), and a changing common mode input impedance over the common mode input voltage range, compared to familiar dual-supply devices. These speciﬁcations should be considered carefully when choosing a rail-rail input op amp, especially for a non-inverting conﬁguration. Input offset voltage, input bias current, and even CMR may be quite good over part of the common mode range, but much worse in the region where operation shifts between the NPN and PNP devices and vice versa. True rail-to-rail ampliﬁer input stage designs must transition from one differential pair to the other differential pair somewhere along the input common mode voltage range. Some devices like the OP191/291/491 family and the OP279 have a common mode crossover threshold at approximately 1 V below the positive supply. The PNP differential input stage is active from about 200 mV below the negative supply to within about 1 V of the positive supply. Over this common mode range, ampliﬁer input offset voltage, input bias current, CMR, input noise voltage/current are primarily determined by the characteristics of the PNP differential pair. At the crossover threshold, however, ampliﬁer input offset voltage becomes the average offset voltage of the NPN/PNP pairs and can change rapidly. Also, ampliﬁer bias currents, dominated by the PNP differential pair over most of the input common mode range, change polarity and magnitude at the crossover threshold when the NPN differential pair becomes active. Op amps like the OP184/284/484 utilize a rail-to-rail input stage design where both NPN and PNP transistor pairs are active throughout the entire input common mode voltage range, and there is no common mode crossover threshold. Ampliﬁer input offset voltage is the average offset voltage of the NPN and the PNP stages. Ampliﬁer input offset voltage exhibits a smooth transition throughout the entire input common mode range because of careful laser trimming of the resistors in the input stage. In the same manner, through careful input stage current balancing and input transistor design, ampliﬁer input bias currents also exhibit a smooth transition throughout the entire common mode input voltage range. The exception occurs at the extremes of the input common mode range, where ampliﬁer offset voltages and bias currents increase sharply due to the slight forward-biasing of parasitic p-n junctions. This occurs for input voltages within approximately 1 V of either supply rail. 65
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When both differential pairs are active throughout the entire input common mode range, ampliﬁer transient response is faster through the middle of the common mode range by as much as a factor of 2 for bipolar input stages and by a factor of √2 for JFET input stages. Input stage transconductance determines the slew rate and the unity-gain crossover frequency of the ampliﬁer, hence response time degrades slightly at the extremes of the input common mode range when either the PNP stage (signals approaching the positive supply rail) or the NPN stage (signals approaching the negative supply rail) are forced into cutoff. The thresholds at which the transconductance changes occur are approximately within 1 V of either supply rail, and the behavior is similar to that of the input bias currents. Applications which require true rail-rail inputs should therefore be carefully evaluated, and the ampliﬁer chosen to ensure that its input offset voltage, input bias current, common mode rejection, and noise (voltage and current) are suitable. Single Supply Op Amp Output Stages The earliest IC op amp output stages were NPN emitter followers with NPN current sources or resistive pull-downs, as shown in the left-hand diagram of Figure 4.2.21. Naturally, the slew rates were greater for positive-going than for negative-going signals. While all modern op amps have push-pull output stages of some sort, many are still asymmetrical, and have a greater slew rate in one direction than the other. Asymmetry tends to introduce distortion on AC signals and generally results from the use of IC processes with faster NPN than PNP transistors. It may also result in the ability of the output to approach one supply more closely than the other. In many applications, the output is required to swing only to one rail, usually the negative rail (i.e., ground in single-supply systems). A pull-down resistor to the negative rail will allow the output to approach that rail (provided the load impedance is high enough, or is also grounded to that rail), but only slowly. Using an FET current source instead of a resistor can speed things up, but this adds complexity. With new complementary bipolar processes (CB), well matched high speed PNP and NPN transistors are available. The complementary emitter follower output stage shown in the right-hand diagram of Figure 4.2.21 has many advantages including low output impedance. However, the output can only swing within about one VBE drop of either supply rail. An output swing of +1 V to +4 V is typical of such stages when operated on a single +5 V supply.
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Figure 4.2.21: Traditional output stages.



Figure 4.2.22: “Almost” rail-to-rail output structures.



The complementary common-emitter/common-source output stages shown in Figure 4.2.22 allow the output voltage to swing much closer to the output rails, but these stages have higher open loop output impedance than the emitter follower- based stages. In practice, however, the ampliﬁer’s open loop gain and local feedback produce an apparent low output impedance, particularly at frequencies below 10 Hz.
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The complementary common emitter output stage using BJTs (left-hand diagram in Figure 4.2.22) cannot swing completely to the rails, but only to within the transistor saturation voltage (VCESAT) of the rails. For small amounts of load current (less than 100 µA), the saturation voltage may be as low as 5 to 10 mV, but for higher load currents, the saturation voltage can increase to several hundred mV (for example, 500 mV at 50 mA). On the other hand, an output stage constructed of CMOS FETs can provide nearly true rail-to-rail performance, but only under no-load conditions. If the output must source or sink current, the output swing is reduced by the voltage dropped across the FETs internal “on” resistance (typically, 100 Ω for precision ampliﬁers, but can be less than 10 Ω for high current drive CMOS ampliﬁers). For these reasons, it is apparent that there is no such thing as a true rail-to-rail output stage, hence the title of Figure 4.2.22 (“almost” rail-to-rail output stages). Figure 4.2.23 summarizes the performance characteristics of a number of single- supply op amps suitable for some precision applications. The devices are listed in order of increasing supply current. Single, dual, and quad versions of each op amp are available, so the supply current is the normalized ISY/ampliﬁer for comparison. The input and output voltage ranges (VS = +5 V) are also supplied in the table. The “0, 4 V” inputs are PNP pairs, with the exception of the AD820/822/824 which use N- Channel JFETs. Output stages having voltage ranges designated “5 mV, 4 V” are NPN emitter-followers with current source pull-downs (OP193/293/493, OP113/213/413). Output stages designated “R/R” use CMOS common source stages (OP181/281/481)



Figure 4.2.23: Precision single-supply op amp performance characteristics. 68
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or CB common emitter stages (OP196/296/496, OP191/291/491, AD820/822/824, OP184/284/484). In summary, the following points should be considered when selecting ampliﬁers for single-supply/rail-to-rail applications: First, input offset voltage and input bias currents are a function of the applied input common mode voltage (for true rail-to-rail input op amps). Circuits using this class of ampliﬁers should be designed to minimize resulting errors. An inverting ampliﬁer conﬁguration with a false ground reference at the non-inverting input prevents these errors by holding the input common mode voltage constant. If the inverting ampliﬁer conﬁguration cannot be used, then ampliﬁers like the OP184/284/OP484 which do not exhibit any common mode crossover thresholds should be used. Second, since input bias currents are not always small and can exhibit different polarities, source impedance levels should be carefully matched to minimize additional input bias current-induced offset voltages and increased distortion. Again, consider using ampliﬁers that exhibit a smooth input bias current transition throughout the applied input common mode voltage. Third, rail-to-rail ampliﬁer output stages exhibit load-dependent gain which affects ampliﬁer open-loop gain, and hence closed-loop gain accuracy. Ampliﬁers with open-loop gains greater than 30,000 for resistive loads less than 10 kΩ are good choices in precision applications. For applications not requiring full rail-rail swings, device families like the OP113/213/413 and OP193/293/493 offer DC gains of 200,000 or more. Lastly, no matter what claims are made, rail-to-rail output voltage swings are functions of the ampliﬁer’s output stage devices and load current. The saturation voltage (VCESAT), saturation resistance (RSAT) for bipolar output stages, and FET on-resistance for CMOS output stages, as well as load current all affect the ampliﬁer output voltage swing. Op Amp Process Technologies The wide variety of processes used to make op amps are shown in Figure 4.2.24. The earliest op amps were made using standard NPN-based bipolar processes. The PNP transistors available on these processes were extremely slow and were used primarily for current sources and level shifting. The ability to produce matching high speed PNP transistors on a bipolar process added great ﬂexibility to op amp circuit designs. These complementary bipolar (CB) processes are widely used in today’s precision op amps, as well as those requiring 69
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wide bandwidths. The highspeed PNP transistors have fts which are greater than onehalf the fts of the NPNs. The addition of JFETs to the complementary bipolar process (CBFET) allow high input impedance op amps to be designed suitable for such applications as photodiode or electrometer preampliﬁers.



Figure 4.2.24: Op amp process technology summary.



CMOS op amps, with a few exceptions, generally have relatively poor offset voltage, drift, and voltage noise. However, the input bias current is very low. They offer low power and cost, however, and improved performance can be achieved with BiFET or CBFET processes. The addition of bipolar or complementary devices to a CMOS process (BiMOS or CBCMOS) adds great ﬂexibility, better linearity, and low power. The bipolar devices are typically used for the input stage to provide good gain and linearity, and CMOS devices for the rail-to-rail output stage. In summary, there is no single IC process which is optimum for all op amps. Process selection and the resulting op amp design depends on the targeted applications and ultimately should be transparent to the customer. Instrumentation Ampliﬁers (In-Amps) An instrumentation ampliﬁer is a closed-loop gain block which has a differential input and an output which is single-ended with respect to a reference terminal (see Figure 4.2.25). The input impedances are balanced and have high values, typically 109 Ω or higher. Unlike an op amp, which has its closed-loop gain determined by external resistors connected between its inverting input and its output, an in-amp employs an internal feedback resistor network which is isolated from its signal input terminals. With the input signal applied across the two differential inputs, gain is either preset internally or is user-set by an internal (via pins) or external gain resistor, which is also isolated from the signal inputs. Typical in-amp gain settings range from 1 to 10,000. In order to be effective, an in-amp needs to be able to amplify microvolt-level signals, while simultaneously rejecting volts of common mode signal at its inputs. This requires that in-amps have very high common mode rejection (CMR): typical values of CMR are 70 dB to over 100 dB, with CMR usually improving at higher gains. 70
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It is important to note that a CMR speciﬁcation for DC inputs alone is not sufﬁcient in most practical applications. In industrial applications, the most common cause of external interference is pickup from the 50/60 Hz AC power mains. Harmonics of the power mains frequency can also be troublesome. In differential measurements, this type of interference tends to be induced equally onto both in-amp inputs. The interfering signal therefore appears as a common mode signal to the in-amp. Specifying CMR over frequency is more important than specifying its DC value. Imbalance in the source impedance can degrade the CMR of some in-amps. Analog Devices fully speciﬁes in-amp CMR at 50/60 Hz with a source impedance imbalance of 1 kΩ.



Figure 4.2.25: Instrumentation ampliﬁer.



Figure 4.2.26: Op amp subtractor.



Low-frequency CMR of op amps, connected as subtractors as shown in Figure 4.2.26, generally is a function of the resistors around the circuit, not the op amp. A mismatch of only 0.1% in the resistor ratios will reduce the DC CMR to approximately 66dB. Another problem with the simple op amp subtractor is that the input impedances are relatively low and are unbalanced between the two sides. The input impedance seen by V1 is R1, but the input impedance seen by V2 is R1′ + R2′. This conﬁguration can be quite problematic in terms of CMR, since even a small source impedance imbalance (~10 Ω) will degrade the workable CMR.
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Instrumentation Ampliﬁer Conﬁgurations Instrumentation ampliﬁer conﬁgurations are based on op amps, but the simple subtractor circuit described above lacks the performance required for precision applications. An in-amp architecture which overcomes some of the weaknesses of the subtractor circuit uses two op amps as shown in Figure 4.2.27. This circuit is typically referred to as the two op amp in-amp. Dual IC op amps are used in most cases for good matching. The circuit gain may be trimmed with an external resistor, RG. The input impedance is high, permitting the impedance of the signal sources to be high and unbalanced. The DC common mode rejection is limited by the matching of R1/R2 to R1′/R2′. If there is a mismatch in any of the four resistors, the DC common mode rejection is limited to:  GAIN × 100  CMR ≤ 20 log    % MISMATCH 



Eq. 4.2.12



There is an implicit advantage to this conﬁguration due to the gain executed on the signal. This raises the CMR in proportion. Integrated instrumentation ampliﬁers are particularly well suited to meeting the combined needs of ratio matching and temperature tracking of the gain-setting resistors. While thin ﬁlm resistors fabricated on silicon have an initial tolerance of up to ±20%, laser trimming during production allows the ratio error between the resistors to be reduced to 0.01% (100 ppm). Furthermore, the tracking between the temperature coefﬁcients of the thin ﬁlm resistors is inherently low and is typically less than 3 ppm/ ºC (0.0003%/ºC).



Figure 4.2.27: Two op amp instrumentation ampliﬁer.



72



Sensor Signal Conditioning



When dual supplies are used, VREF is normally connected directly to ground. In single supply applications, VREF is usually connected to a low impedance voltage source equal to one-half the supply voltage. The gain from VREF to node “A” is R1/R2, and the gain from node “A” to the output is R2′/R1′. This makes the gain from VREF to the output equal to unity, assuming perfect ratio matching. Note that it is critical that the source impedance seen by VREF be low, otherwise CMR will be degraded. One major disadvantage of this design is that common mode voltage input range must be traded off against gain. The ampliﬁer A1 must amplify the signal at V1 by 1+



R1 R2



Eq. 4.2.13



If R1 >> R2 (low gain in Figure 4.2.27), A1 will saturate if the common mode signal is too high, leaving no headroom to amplify the wanted differential signal. For high gains (R1<< R2), there is correspondingly more headroom at node “A” allowing larger common mode input voltages. The AC common mode rejection of this conﬁguration is generally poor because the signal from V1 to VOUT has the additional phase shift of A1. In addition, the two ampliﬁers are operating at different closed-loop gains (and thus at different bandwidths). The use of a small trim capacitor “C” as shown in the diagram can improve the AC CMR somewhat. A low gain (G = 2) single supply two op amp in-amp conﬁguration results when RG is not used, and is shown in Figure 4.2.28. The input common mode and differential signals must be limited to values which prevent saturation of either A1 or A2. In the



Figure 4.2.28: Single supply restrictions: VS = +5 V, G = 2. 73
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example, the op amps remain linear to within 0.1 V of the supply rails, and their upper and lower output limits are designated VOH and VOL, respectively. Using the equations shown in the diagram, the voltage at V1 must fall between 1.3 V and 2.4 V to prevent A1 from saturating. Notice that VREF is connected to the average of VOH and VOL (2.5 V). This allows for bipolar differential input signals with VOUT referenced to +2.5 V. A high gain (G = 100) single supply two op amp in-amp conﬁguration is shown in Figure 4.2.29. Using the same equations, note that the voltage at V1 can now swing between 0.124 V and 4.876 V. Again, VREF is connected to 2.5 V to allow for bipolar differential input and output signals. The above discussion shows that regardless of Figure 4.2.29: Single supply restrictions: VS = +5 V, G = 100. gain, the basic two op amp in-amp does not allow for zero-volt common mode input voltages when operated on a single supply. This limitation can be overcome using the circuit shown in Figure 4.2.30 which is implemented in the AD627 in-amp. Each op amp is composed of a PNP common emitter input stage and a gain stage, designated Q1/A1 and Q2/A2, respectively. The PNP transistors Figure 4.2.30: AD627 in-amp architecture. not only provide gain but also level shift the input signal positive by about 0.5 V, thereby allowing the common mode input voltage to go to 0.1 V below the negative supply rail. The maximum positive input voltage allowed is 1 V less than the positive supply rail.
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The AD627 in-amp delivers rail-to-rail output swing and operates over a wide supply voltage range (+2.7 V to ±18 V). Without RG, the external gain setting resistor, the in-amp gain is 5. Gains up to 1000 can be set with a single external resistor. Common mode rejection of the AD627B at 60 Hz with a 1 kΩ source imbalance is 85dB when operating on a single +3 V supply and G = 5. Even though the AD627 is a two op amp in-amp, a patented circuit keeps the CMR ﬂat out to a much higher frequency than would be achievable with a conventional discrete two op amp in-amp. The AD627 data sheet (available at http://www.analog.com) has a detailed discussion of allowable input/output voltage ranges as a function of gain and power supply voltages. Key speciﬁcations for the AD627 are summarized in Figure 4.2.31.



Figure 4.2.31: AD627 in-amp key speciﬁcations.



For true balanced high impedance inputs, three op amps may be connected to form the in-amp shown in Figure 4.2.32. This circuit is typically referred to as the three op amp in-amp. The gain of the ampliﬁer is set by the resistor, RG, which may be internal, external, or (software or pin-strap) programmable. In this conﬁguration, CMR depends upon the ratio matching of R3/R2 to R3’/R2’. Furthermore, common mode signals are only ampliﬁed by a factor of 1 regardless of gain (no common mode voltage will appear across RG, hence, no common mode current will ﬂow in it because the input terminals of an op amp will have no signiﬁcant potential difference between them). Thus, CMR will theoretically increase in direct proportion to gain. Large common mode signals (within the A1-A2 op amp headroom limits) may be handled at all gains. Finally, Figure 4.2.32: Three op amp instrumentation ampliﬁer. 75
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because of the symmetry of this conﬁguration, common mode errors in the input ampliﬁers, if they track, tend to be canceled out by the subtractor output stage. These features explain the popularity of the three op amp in-amp conﬁguration. The classic three op amp conﬁguration has been used in a number of monolithic IC instrumentation ampliﬁers. Besides offering excellent matching between the three internal op amps, thin ﬁlm laser trimmed resistors provide excellent ratio matching and gain accuracy at much lower cost than using discrete op amps and resistor networks. The AD620 is an excellent example of monolithic in-amp technology, and a simpliﬁed schematic is shown in Figure 4.2.33.



Figure 4.2.33: AD620 in-amp simpliﬁed schematic.



The AD620 is a highly popular in-amp and is speciﬁed for power supply voltages from ±2.3 V to ±18 V. Input voltage noise is only 9 nV/√Hz @ 1 kHz. Maximum input bias current is only 1 nA maximum because of the Superbeta input stage. Overvoltage protection is provided by the internal 400 Ω thin-ﬁlm current-limit resistors in conjunction with the diodes which are connected from the emitter-to- base of Q1 and Q2. The gain is set with a single external RG resistor. The appropriate internal resistors are trimmed so that standard 1% or 0.1% resistors can be used to set the AD620 gain to popular gain values. As in the case of the two op amp in-amp conﬁguration, single supply operation of the three op amp in-amp requires an understanding of the internal node voltages. Figure 4.2.34 shows a generalized diagram of the in-amp operating on a single +5 V supply. The maximum and minimum



Figure 4.2.34: Three op amp in-amp single +5 V supply restrictions. 76
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allowable output voltages of the individual op amps are designated VOH (maximum high output) and VOL (minimum low output) respectively. Note that the gain from the common mode voltage to the outputs of A1 and A2 is unity, and that the sum of the common mode voltage and the signal voltage at these outputs must fall within the ampliﬁer output voltage range. It is obvious that this conﬁguration cannot handle input common mode voltages of either zero volts or +5 V because of saturation of A1 and A2. As in the case of the two op amp in-amp, the output reference is positioned halfway between VOH and VOL in order to allow for bipolar differential input signals. This chapter has emphasized the operation of high performance linear circuits from a single, low-voltage supply (5 V or less) is a common requirement. While there are many precision single supply operational ampliﬁers, such as the OP213, the OP291, and the OP284, and some good single-supply instrumentation ampliﬁers, the highest performance instrumentation ampliﬁers are still speciﬁed for dual-supply operation. One way to achieve both high precision and single-supply operation takes advantage of the fact that several popular sensors (e.g., strain gages) provide an output signal centered around the (approximate) mid-point of the supply voltage (or the reference voltage), where the inputs of the signal conditioning ampliﬁer need not operate near “ground” or the positive supply voltage. Under these conditions, a dual-supply instrumentation ampliﬁer referenced to the supply mid-point followed by a “rail-to-rail” operational ampliﬁer gain stage provides very high DC precision. Figure 4.2.35 illustrates one such high-performance instrumentation ampliﬁer operating on a single, +5 V supply. This circuit uses an AD620 low-cost precision instrumentation ampliﬁer for the input stage, and an AD822 JFETinput dual rail-to-rail output operational ampliﬁer for the output stage. In this circuit, R3 and R4 form a voltage divider which splits the supply voltage in half to +2.5 V, with ﬁne adjustment provided by a trimming potentiometer, P1. This voltage is applied to the input of A1, an AD822 which buffers it and provides a low-impedance source needed to drive the AD620’s reference pin. The AD620’s Reference pin has a 10 kΩ input resistance and an input signal current of up to 200µA. The



Figure 4.2.35: A precision single-supply composite in-amp with rail-to-rail output. 77
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other half of the AD822 is connected as a gain-of-3 inverter, so that it can output ±2.5 V, “rail-to-rail,” with only ±0.83 V required of the AD620. This output voltage level of the AD620 is well within the AD620’s capability, thus ensuring high linearity for the “dual-supply” front end. Note that the ﬁnal output voltage must be measured with respect to the +2.5 V reference, and not to GND. The general gain expression for this composite instrumentation ampliﬁer is the product of the AD620 and the inverting ampliﬁer gains:  49.4kΩ   R2  GAIN =  + 1    RG   R1 



Eq. 4.2.14



For this example, an overall gain of 10 is realized with RG = 21.5 kΩ (closest standard value). The table (Figure 4.2.36) summarizes various RG/gain values and performance. In this application, the allowable input voltage on either input to the AD620 must lie between +2 V and +3.5 V in order to maintain linearity. For example, at an overall circuit gain of 10, the common mode input voltage range spans 2.25 V to 3.25 V, allowing room for the ±0.25 V full-scale differential input voltage required to drive the output ±2.5 V about VREF.



Figure 4.2.36: Performance summary of the +5 V single-supply AD620/AD822 composite in-amp.



The inverting conﬁguration was chosen for the output buffer to facilitate system output offset voltage adjustment by summing currents into the A2 stage buffer’s feedback summing node. These offset currents can be provided by an external DAC, or from a resistor connected to a reference voltage. The AD822 rail-to-rail output stage exhibits a very clean transient response (not shown) and a small-signal bandwidth over 100 kHz for gain conﬁgurations up to 300. Note that excellent linearity is maintained over 0.1 V to 4.9 V VOUT. To reduce the effects of unwanted noise pickup, a capacitor is recommended across A2’s feedback resistance to limit the circuit bandwidth to the frequencies of interest. In cases where zero-volt inputs are required, the AD623 single supply in-amp conﬁguration shown in Figure 4.2.37 offers an attractive solution. The PNP emitter follower level shifters, Q1/Q2, allow the input signal to go 150 mV below the negative supply 78
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and to within 1.5 V of the positive supply. The AD623 is fully speciﬁed for single power supplies between +3 V and +12 V and dual supplies between ±2.5 V and ±6 V (see Figure 4.2.38). The AD623 data sheet (available at http://www.analog.com) contains an excellent discussion of allowable input/output voltage ranges as a function of gain and power supply voltages.



Figure 4.2.38: AD623 in-amp key speciﬁcations.



Figure 4.2.37: AD623 single-supply in-amp architecture.



Instrumentation Ampliﬁer DC Error Sources The DC and noise speciﬁcations for instrumentation ampliﬁers differ slightly from conventional op amps, so some discussion is required in order to fully understand the error sources. The gain of an in-amp is usually set by a single resistor. If the resistor is external to the in-amp, its value is either calculated from a formula or chosen from a table on the data sheet, depending on the desired gain. Absolute value laser wafer trimming allows the user to program gain accurately with this single resistor. The absolute accuracy and temperature coefﬁcient of this resistor directly affects the in-amp gain accuracy and drift. Since the external resistor will never exactly match the internal thin ﬁlm resistor tempcos, a low TC (
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reﬂected to output at high gains. For instance, a 0.5 mV input offset voltage becomes 5 V at the output for a gain of 10,000. For high gains, the best practice is to use an instrumentation ampliﬁer as a preampliﬁer then use a post ampliﬁer for further ampliﬁcation. In a pin-programmable gain in-amp such as the AD621, the gain setting resistors are internal, well matched, and the gain accuracy and gain drift speciﬁcations include their effects. The AD621 is otherwise generally similar to the externally gain-programmed AD620. The gain error speciﬁcation is the maximum deviation from the gain equation. Monolithic in-amps such as the AD624C have very low factory trimmed gain errors, with its maximum error of 0.02% at G = 1 and 0.25% at G = 500 being typical for this high quality in-amp. Notice that the gain error increases with increasing gain. Although externally connected gain networks allow the user to set the gain exactly, the temperature coefﬁcients of the external resistors and the temperature differences between individual resistors within the network all contribute to the overall gain error. If the data is eventually digitized and presented to a digital processor, it may be possible to correct for gain errors by measuring a known reference voltage and then multiplying by a constant. Nonlinearity is deﬁned as the maximum deviation from a straight line on the plot of output versus input. The straight line is drawn between the end-points of the actual transfer function. Gain nonlinearity in a high quality in-amp is usually 0.01% (100 ppm) or less, and is relatively insensitive to gain over the recommended gain range. The total input offset voltage of an in-amp consists of two components (see Figure 4.2.39). Input offset voltage, VOSI, is that component of input offset which is reﬂected to the output of the in-amp by the gain G. Output offset voltage, VOSO, is independent of gain. At low gains, output offset voltage is dominant, while at high gains input offset dominates. The output offset voltage drift is normally speciﬁed as drift at G = 1 (where input effects are insigniﬁcant), while input offset voltage drift is given by a drift speciﬁcation at a high gain (where output offset effects are negligible). The total output Figure 4.2.39: In-amp offset voltage model. offset error, referred to the input 80
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(RTI), is equal to VOSI + VOSO/G. In-amp data sheets may specify VOSI and VOSO separately or give the total RTI input offset voltage for different values of gain. Input bias currents may also produce offset errors in in-amp circuits (see Figure 4.2.39). If the source resistance, RS, is unbalanced by an amount, ∆RS, (often the case in bridge circuits), then there is an additional input offset voltage error due to the bias current, equal to IB∆RS (assuming that IB+ ≈ IB– = IB). This error is reﬂected to the output, scaled by the gain G. The input offset current, IOS, creates an input offset voltage error across the source resistance, RS + ∆RS, equal to IOS(RS + ∆RS), which is also reﬂected to the output by the gain, G. In-amp common mode error is a function of both gain and frequency. Analog Devices speciﬁes in-amp CMR for a 1 kΩ source impedance unbalance at a frequency of 60 Hz. The RTI common mode error is obtained by dividing the common mode voltage, VCM, by the common mode rejection ratio, CMRR. Power supply rejection (PSR) is also a function of gain and frequency. For in-amps, it is customary to specify the sensitivity to each power supply separately. Now that all DC error sources have been accounted for, a worst case DC error budget can be calculated by reﬂecting all the sources to the in-amp input (Figure 4.2.40).



Figure 4.2.40: Instrumentation ampliﬁer DC errors referred to the input (RTI).



Instrumentation Ampliﬁer Noise Sources Since in-amps are primarily used to amplify small precision signals, it is important to understand the effects of all the associated noise sources. The in-amp noise model is shown in Figure 4.2.41. There are two sources of input voltage noise. The ﬁrst is represented as a noise source, VNI, in series with the input, as in a conventional op amp circuit. This noise is reﬂected to the output by the in-amp gain, G. The second noise source is the output noise, VNO, represented as a noise voltage in series with the in-amp output. The output noise, shown here referred to VOUT, can be referred to the input by dividing by the gain, G. There are two noise sources associated with the input noise currents IN+ and IN–. Even though IN+ and IN– are usually equal (IN+ ≈ IN– = IN), they are uncorrelated, and therefore, the noise they each create must be summed in a root- sum-squares (RSS) fashion. IN+ ﬂows through one half of RS, and IN– the other half. This generates two 81
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noise voltages, each having an amplitude, INRS/2. Each of these two noise sources is reﬂected to the output by the in-amp gain, G. The total output noise is calculated by combining all four noise sources in an RSS manner: In-amp data sheets often present the total voltage noise RTI as a function of gain. This noise spectral density includes both the input (VNI) and output (VNO) Figure 4.2.41: In-amp noise model. noise contributions. The input current noise spectral density is speciﬁed separately. As in the case of op amps, the total noise RTI must be integrated over the in-amp closed- loop bandwidth to compute the RMS value. The bandwidth may be determined from data sheet curves which show frequency response as a function of gain. In-Amp Bridge Ampliﬁer Error Budget Analysis It is important to understand in-amp error sources in a typical application. Figure 4.2.42 shows a 350 Ω load cell which has a full scale output of 100 mV when excited with a 10 V source. The AD620 is conﬁgured for a gain of 100 using the external 499 Ω gain-setting resistor. The table shows how each error source contributes to the total unadjusted error of 2145ppm. The gain, offset, and CMR errors can be removed with a system calibration. The remaining errors—gain nonlinearity and 0.1 Hz to 10 Hz noise —cannot be removed with calibration and limit the system resolution to 42.8 ppm (approximately 14-bit accuracy). Figure 4.2.42: AD620B bridge ampliﬁer DC error budget.
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In-Amp Performance Tables Figure 4.2.43 shows a selection of precision in-amps designed primarily for operation on dual supplies. It should be noted that the AD620 is capable of single +5 V supply operation (see Figure 4.2.35), but neither its input nor its output are capable of rail-torail swings.



Figure 4.2.43: Precision in-amps: data for VS = ±15 V, G = 1000.



Instrumentation ampliﬁers speciﬁcally designed for single supply operation are shown in Figure 4.2.44. It should be noted that although the speciﬁcations in the ﬁgure are given for a single +5 V supply, all of the ampliﬁers are also capable of dual supply operation and are speciﬁed for both dual and single supply operation on their data sheets. In addition, the AD623 and AD627 will operate on a single +3 V supply.



Figure 4.2.44: Single supply in-amps: data for VS = ±5 V, G = 1000.



The AD626 is not a true in-amp but is a differential ampliﬁer with a thin-ﬁlm input attenuator which allows the common mode voltage to exceed the supply voltages. This device is designed primarily for high and low-side current-sensing applications. It will also operate on a single +3 V supply.
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In-Amp Input Overvoltage Protection As interface ampliﬁers for data acquisition systems, instrumentation ampliﬁers are often subjected to input overloads, i.e., voltage levels in excess of the full scale for the selected gain range. The manufacturer’s “absolute maximum” input ratings for the device should be closely observed. As with op amps, many in-amps have absolute maximum input voltage speciﬁcations equal to ±VS. External series resistors (for current limiting) and Schottky diode clamps may be used to prevent overload, if necessary. Some instrumentation ampliﬁers have built-in overload protection circuits in the form of series resistors (thin ﬁlm) or seriesprotection FETs. In-amps such as the AMP-02 and the AD524 utilize series-protection FETs, because they act as a low impedance during normal operation, and a high impedance during Figure 4.2.45: Instrumentation ampliﬁer fault conditions. input overvoltage considerations. An additional Transient Voltage Suppresser (TVS) may be required across the input pins to limit the maximum differential input voltage. This is especially applicable to three op amp in-amps operating at high gain with low values of RG. Chopper Stabilized Ampliﬁers For the lowest offset and drift performance, chopper-stabilized ampliﬁers may be the only solution. The best bipolar ampliﬁers offer offset voltages of 10 µV and 0.1 µV/ºC drift. Offset voltages less than 5 µV with practically no measurable offset drift are obtainable with choppers, albeit with some penalties. The basic chopper ampliﬁer circuit is shown in Figure 4.2.46. When the switches are in the “Z” (auto-zero) position, capacitors C2 and C3 are charged to the ampliﬁer input and output offset voltage, respectively. When the switches are in the “S”



Figure 4.2.46: Classic chopper ampliﬁer. 84
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(sample) position, VIN is connected to VOUT through the path comprised of R1, R2, C2, the ampliﬁer, C3, and R3. The chopping frequency is usually between a few hundred Hz and several kHz, and it should be noted that because this is a sampling system, the input frequency must be much less than one-half the chopping frequency in order to prevent errors due to aliasing. The R1/C1 combination serves as an antialiasing ﬁlter. It is also assumed that after a steady state condition is reached, there is only a minimal amount of charge transferred during the switching cycles. The output capacitor, C4, and the load, RL, must be chosen such that there is minimal VOUT droop during the auto-zero cycle. The basic chopper ampliﬁer of Figure 4.2.46 can pass only very low frequencies because of the input ﬁltering required to prevent aliasing. The chopper-stabilized architecture shown in Figure 4.2.47 is most often used in chopper ampliﬁer implementations. In this circuit, A1 is the main ampliﬁer, and A2 is the nulling ampliﬁer. In the sample mode (switches in “S” position), the nulling ampliﬁer, A2, monitors the input offset voltage of A1 and drives its output to zero by applying a suitable correcting voltage at A1’s null pin. Note, however, that A2 also has an input offset voltage, so it must correct its own error before attempting to null A1’s offset. This is achieved in the auto-zero mode (switches in “Z” position) by momentarily disconnecting A2 from A1, shorting its inputs together, and coupling its output Figure 4.2.47: Chopper stabalized ampliﬁer. to its own null pin. During the auto-zero mode, the correction voltage for A1 is momentarily held by C1. Similarly, C2 holds the correction voltage for A2 during the sample mode. In modern IC chopper-stabilized op amps, the storage capacitors C1 and C2 are on-chip. Note in this architecture that the input signal is always connected to the output through A1. The bandwidth of A1 thus determines the overall signal bandwidth, and the input signal is not limited to less than one-half the chopping frequency as in the case of the traditional chopper ampliﬁer architecture. However, the switching action does produce small transients at the chopping frequency which can mix with the input signal frequency and produce in-band distortion.
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It is interesting to consider the effects of a chopper ampliﬁer on low frequency 1/f noise. If the chopping frequency is considerably higher than the 1/f corner frequency of the input noise, the chopper-stabilized ampliﬁer continuously nulls out the 1/f noise on a sample-by-sample basis. Theoretically, a chopper op amp therefore has no 1/f noise. However, the chopping action produces wideband noise which is generally much worse than that of a precision bipolar op amp. Figure 4.2.48 shows the noise of a precision bipolar ampliﬁer (OP177/AD707) versus that of the AD8551/52/54 chopper-stabilized op amp. The peak-to-peak noise in various bandwidths is calculated for each in the table below the graphs. Note that as the frequency is lowered, the chopper ampliﬁer noise continues to drop, while the bipolar ampliﬁer noise approaches a limit determined by the 1/f corner fre- Figure 4.2.48: Noise: bipolar vs. chopper ampliﬁer. quency and its white noise (see Figure 4.2.9). At a very low frequency, the noise performance of the chopper is superior to that of the bipolar op amp. The AD8551/8552/8554 family of chopper-stabilized op amps offers rail-to-rail input and output single supply operation, low offset voltage, and low offset drift. The storage capacitors are internal to the IC, and no external capacitors other than standard decoupling capaciFigure 4.2.49: AD8551/52/54 chopper tors are required. Key speciﬁcations for stabilized rail-to-rail input/output ampliﬁers. the devices are given in Figure 4.2.49. It should be noted that extreme care must be taken when applying these devices to avoid parasitic thermocouple effects in order to fully realize the offset and drift performance.
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Isolation Ampliﬁers There are many applications where it is desirable, or even essential, for a sensor to have no direct (“galvanic”) electrical connection with the system to which it is supplying data, either in order to avoid the possibility of dangerous voltages or currents from one half of the system doing damage in the other, or to break an intractable ground loop. Such a system is said to be “isolated,” and the arrangement which passes a signal without galvanic connections is known as an “isolation barrier.” The protection of an isolation barrier works in both directions, and may be needed in either, or even in both. The obvious application is where a sensor may accidentally encounter high voltages, and the system it is driving must be protected. Or Figure 4.2.50: Applications for isolation ampliﬁers. a sensor may need to be isolated from accidental high voltages arising downstream, in order to protect its environment: examples include the need to prevent the ignition of explosive gases by sparks at sensors and the protection from electric shock of patients whose ECG, EEG or EMG is being monitored. The ECG case is interesting, as protection may be required in both directions: the patient must be protected from accidental electric shock, but if the patient’s heart should stop, the ECG machine must be protected from the very high voltages (>7.5 kV) applied to the patient by the deﬁbrillator which will be used to attempt to restart it. Just as interference, or unwanted information, may be coupled by electric or magnetic ﬁelds, or by electromagnetic radiation, these phenomena may be used for the transmission of wanted information in the design of isolated systems. The most common isolation ampliﬁers use transformers, which exploit magnetic ﬁelds, and another common type uses small high voltage capacitors, exploiting electric ﬁelds. Opto-isolators, which consist of an LED and a photocell, provide isolation by using light, a form of electromagnetic radiation. Different isolators have differing performance: some are sufﬁciently linear to pass high accuracy analog signals across an isolation barrier, with others the signal may need to be converted to digital form before transmission, if accuracy is to be maintained, a common application for V/F converters. Transformers are capable of analog accuracy of 12–16 bits and bandwidths up to several hundred kHz, but their maximum voltage rating rarely exceeds 10 kV, and is often much lower. Capacitively coupled isolation ampliﬁers have lower accuracy,
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perhaps 12-bits maximum, lower bandwidth, and lower voltage ratings—but they are cheap. Optical isolators are fast and cheap, and can be made with very high voltage ratings (4−7 kV is one of the more common ratings), but they have poor analog domain linearity, and are not usually suitable for direct coupling of precision analog signals. Linearity and isolation voltage are not the only issues to be considered in the choice of isolation systems. Power is essential. Both the input and the output circuitry must be powered, and unless there is a battery on the isolated side of the isolation barrier (which is possible, but rarely convenient), some form of isolated power must be provided. Systems using transformer isolation can easily use a transformer (either the signal transformer or another one) to provide isolated power, but it is impractical to transmit useful amounts of power by capacitive or optical means. Systems using these forms of isolation must make other arrangements to obtain isolated power supplies— this is a powerful consideration in favor of choosing transformer isolated isolation ampliﬁers: they almost invariably include an isolated power supply. The isolation ampliﬁer has an input circuit that is galvanically isolated from the power supply and the output circuit. In addition, there is minimal capacitance between the input and the rest of the device. Therefore, there is no possibility for DC current ﬂow, and minimum AC coupling. Isolation ampliﬁers are intended for applications requiring safe, accurate measurement of low frequency voltage or current (up to about 100 kHz) in the presence of high common-mode voltage (to thousands of volts) with high common mode rejection. They are also useful for line-receiving of signals transmitted at high impedance in noisy environments, and for safety in general-purpose measurements, where DC and line-frequency leakage must be maintained at levels well below certain mandated minimums. Principal applications are in electrical environments of the kind associated with medical equipment, conventional and nuclear power plants, automatic test equipment, and industrial process control systems. In the basic two-port form, the output and power circuits are not isolated from one another. In the three-port isolator shown in Figure 4.2.51, the input circuits, output circuits, and power source are all isolated from one another. The ﬁgure shows the circuit architecture of a self-contained isolator, the AD210. An isolator of this type requires power from a two-terminal DC power supply. An internal oscillator (50 kHz) converts the DC power to AC, which is transformer-coupled to the shielded input section, then converted to DC for the input stage and the auxiliary power output. The AC carrier is also modulated by the ampliﬁer output, transformer-coupled to the output stage, demodulated by a phase-sensitive demodulator (using the carrier as the reference), ﬁltered, and buffered using isolated DC power derived from the carrier. The 88
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AD210 allows the user to select gains from 1 to 100 using an external resistor. Bandwidth is 20 kHz, and voltage isolation is 2500 V RMS (continuous) and ±3500 V peak (continuous).



Figure 4.2.51: AD210 3-port isolation ampliﬁer.



The AD210 is a 3-port isolation ampliﬁer: the power circuitry is isolated from both the input and the output stages and may therefore be connected to either—or to neither. It uses transformer isolation to achieve 3500 V isolation with 12-bit accuracy. Key speciﬁcations for the AD210 are summarized in Figure 4.2.52. Figure 4.2.52: AD210 isolation ampliﬁer key features.



A typical isolation ampliﬁer application using the AD210 is shown in Figure 4.2.53. The AD210 is used with an AD620 instrumentation ampliﬁer in a current-sensing system for motor control. The input of the AD210, being isolated, can be connected to a 110 or 230 V power line without any protection, and the isolated ±15 V powers the AD620, which senses the voltage drop in a small current sensing resistor. The 110 or 230 V RMS common-mode voltage is ignored by the isolated system. The AD620 is used to improve system accuracy: the VOS of the AD210 is 15 mV, while the AD620 has VOS of 30 µV and correspondingly lower drift. If higher DC offset and drift are acceptable, the AD620 may be omitted, and the AD210 used directly at a closed loop gain of 100. 89
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Figure 4.2.53: Motor control currrent sensing.
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4.3 Analog to Digital Converters for Signal Conditioning The trend in ADCs and DACs is toward higher speeds and higher resolutions at reduced power levels. Modern data converters generally operate on ±5 V (dual supply) or +5 V (single supply). In fact, many new converters operate on a single +3 V supply. This trend has created a number of design and applications problems which were much less important in earlier data converters, where ±15 V supplies and ±10 V input ranges were the standard. Lower supply voltages imply smaller input voltage ranges, and hence more susceptibility to noise from all potential sources: power supplies, references, digital signals, EMI/RFI, and probably most important, improper layout, grounding, and decoupling techniques. Single-supply ADCs often have an input range which is not referenced to ground. Finding compatible single-supply drive ampliﬁers and dealing with level shifting of the input signal in direct-coupled applications also becomes a challenge. In spite of these issues, components are now available which allow extremely high resolutions at low supply voltages and low power. This section discusses the applications problems associated with such components and shows techniques for successfully designing them into systems. The most popular precision signal conditioning ADCs are based on two fundamental architectures: successive approximation and sigma-delta. The tracking ADC architecture is particularly suited for resolver-to-digital converters, but it is rarely used in other precision signal conditioning applications. The ﬂash converter and the subranging (or pipelined) converter architectures are widely used where sampling frequencies extend into the megahertz and hundreds of megahertz region, but are overkills in both speed and cost for low frequency precision signal conditioning applications. ■ Typical Supply Voltages: ±5V, +5V, +5/+3V, +3V ■ Lower Signal Swings Increase Sensitivity to all Types of Noise (Device, Power Supply, Logic, etc.) ■ Device Noise Increases at Low Currents ■ Common Mode Input Voltage Restrictions ■ Input Buffer Ampliﬁer Selection Critical ■ Auto-Calibration Modes Desirable at High Resolutions
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Figure 4.3.1: Low power, low voltage ADC design issues.



Sensor Signal Conditioning ■ Successive Approximation ◆ Resolutions to 16-bits



Figure 4.3.2: ADCs for signal conditioning.



◆ Minimal Throughput Delay Time ◆ Used in Multiplexed Data Acquisition Systems ■ Sigma-Delta ◆ Resolutions to 24-bits ◆ Excellent Differential Linearity ◆ Internal Digital Filter, Excellent AC Line Rejection ◆ Long Throughput Delay Time ◆ Difﬁcult to Multiplex Inputs Due to Digital Filter Settling Time ■ High Speed Architectures: ◆ Flash Converter ◆ Subranging or Pipelined



Successive Approximation ADCs The successive approximation ADC has been the mainstay of signal conditioning for many years. Recent design improvements have extended the sampling frequency of these ADCs into the megahertz region. The use of internal switched capacitor techniques along with auto calibration techniques extend the resolution of these ADCs to 16-bits on standard CMOS processes without the need for expensive thin-ﬁlm laser trimming. The basic successive approximation ADC is shown in Figure 4.3.3. It performs conversions on command. On the assertion of the CONVERT START command, the sample-and-hold (SHA) is placed in the hold mode, and all the bits of the successive approximation register (SAR) are CONVERT START reset to “0” except the MSB which TIMING ANALOG is set to “1”. The SAR output drives COMPARATOR INPUT EOC, SHA the internal DAC. If the DAC output DRDY, OR BUSY is greater than the analog input, this SUCCESSIVE APPROXIMATION bit in the SAR is reset, otherwise it is REGISTER (SAR) left set. The next most signiﬁcant bit DAC is then set to “1”. If the DAC output is greater than the analog input, this bit OUTPUT in the SAR is reset, otherwise it is left Figure 4.3.3: Successive approximation ADC. set. The process is repeated with each bit in turn. When all the bits have been set, tested, and reset or not as appropriate, the contents of the SAR correspond to the value of the analog input, and the conversion is complete. 93
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The end of conversion is generally indicated by an end-of-convert (EOC), data-ready (DRDY), or a busy signal (actually, not-BUSY indicates end of conversion). The polarities and name of this signal may be different for different SAR ADCs, but the fundamental concept is the same. At the beginning of the conversion interval, the signal goes high (or low) and remains in that state until the conversion is completed,at which time it goes low (or high). The trailing edge is generally an indication of valid output data. An N-bit conversion takes N steps. It would seem on superﬁcial examination that a 16-bit converter would have twice the conversion time of an 8-bit one, but this is not the case. In an 8-bit converter, the DAC must settle to 8-bit accuracy before the bit decision is made, whereas in a 16-bit converter, it must settle to 16-bit accuracy, which takes a lot longer. In practice, 8-bit successive approximation ADCs can convert in a few hundred nanoseconds, while 16-bit ones will generally take several microseconds. Notice that the overall accuracy and linearity of the SAR ADC is determined primarily by the internal DAC. Until recently, most precision SAR ADCs used laser-trimmed thin-ﬁlm DACs to achieve the desired accuracy and linearity. The thin-ﬁlm resistor trimming process adds cost, and the thin-ﬁlm resistor values may be affected when subjected to the mechanical stresses of packaging. For these reasons, switched capacitor (or charge-redistribution) DACs have become popular in newer SAR ADCs. The advantage of the switched capacitor DAC is that the accuracy and linearity is primarily determined by photolithography, which in turn controls the capacitor plate area and the capacitance as well as matching. In addition, small capacitors can be placed in parallel with the main capacitors which can be switched in and out under control of autocalibration routines to achieve high accuracy and linearity without the need for thin-ﬁlm laser trimming. Temperature tracking between the switched capacitors can be better than 1 ppm/ºC, thereby offering a high degree of temperature stability. A simple 3-bit capacitor DAC is shown in Figure 4.3.4. The switches are shown in the track, or sample mode where the analog input voltage, AIN, is constantly charging and discharging the parallel combination of all the capacitors. The hold mode is initiated by opening SIN, leaving the sampled analog input volt-
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Figure 4.3.4: 3-bit switched capacitor DAC. 94
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age on the capacitor array. Switch SC is then opened allowing the voltage at node A to move as the bit switches are manipulated. If S1, S2, S3, and S4 are all connected to ground, a voltage equal to –AIN appears at node A. Connecting S1 to VREF adds a voltage equal to VREF/2 to –AIN. The comparator then makes the MSB bit decision, and the SAR either leaves S1 connected to VREF or connects it to ground depending on the comparator output (which is high or low depending on whether the voltage at node A is negative or positive, respectively). A similar process is followed for the remaining two bits. At the end of the conversion interval, S1, S2, S3, S4, and SIN are connected to AIN, SC is connected to ground, and the converter is ready for another cycle. Note that the extra LSB capacitor (C/4 in the case of the 3-bit DAC) is required to make the total value of the capacitor array equal to 2C so that binary division is accomplished when the individual bit capacitors are manipulated. The operation of the capacitor DAC (cap DAC) is similar to an R/2R resistive DAC. When a particular bit capacitor is switched to VREF, the voltage divider created by the bit capacitor and the total array capacitance (2C) adds a voltage to node A equal to the weight of that bit. When the bit capacitor is switched to ground, the same voltage is subtracted from node A. Because of their popularity, successive approximation ADCs are available in a wide variety of resolutions, sampling rates, input and output options, package styles, and costs. It would be impossible to attempt to list all types, but Figure 4.3.5 shows a number of recent Analog Devices’ SAR ADCs which are representative. Note that many devices are complete data acquisition systems with input multiplexers which allow a single ADC core to process multiple analog channels. RESOLUTION SAMPLING RATE AD7472 AD7891 AD7858/59 AD7887/88 AD7856/57 AD974 AD7670
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Figure 4.3.5: Resolution/conversion time comparison for representative single-supply SAR ADCs.
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While there are some variations, the fundamental timing of most SAR ADCs is similar and relatively straightforward (see Figure 4.3.6). The conversion process is initiated by asserting a CONVERT START signal. The CONVST signal is a negativegoing pulse whose positive-going edge actually initiates the conversion. The internal sample-and-hold (SHA) ampliﬁer is placed in the hold mode on this edge, and the various bits are determined using the SAR algorithm. The negative-going edge of the CONVST pulse causes the EOC or BUSY line to go high. When the conversion is complete, the BUSY line goes low, indicating the completion of the conversion process. In most cases the trailing edge of the BUSY line can be used as an indication that the output data is valid and can be used to strobe the output data into an external register. However, because of the many variations in terminology and design, the individual data sheet should always SAMPLE X SAMPLE X+1 SAMPLE X+2 be consulted when using with a speciﬁc ADC. CONVST



It should also be noted that some TRACK/ TRACK/ CONVERSION CONVERSION ACQUIRE ACQUIRE TIME TIME SAR ADCs require an external EOC high frequency clock in addition BUSY to the CONVERT START command. In most cases, there is no DATA DATA OUTPUT X+1 X DATA need to synchronize the two. The frequency of the external clock, Figure 4.3.6: Typical SAR ADC timing. if required, generally falls in the range of 1 MHz to 30 MHz depending on the conversion time and resolution of the ADC. Other SAR ADCs have an internal oscillator which is used to perform the conversions and only require the CONVERT START command. Because of their architecture, SAR ADCs allow single-shot conversion at any repetition rate from DC to the converter’s maximum conversion rate. In a SAR ADC, the output data for a particular cycle is valid at the end of the conversion interval. In other ADC architectures, such as sigma-delta or the two- stage subranging architecture shown in Figure 4.3.7, this is not the case. The subranging ADC shown in the ﬁgure is a two-stage pipelined or subranging 12-bit converter. The ﬁrst conversion is done by the 6-bit ADC which drives a 6-bit DAC. The output of the 6-bit DAC represents a 6-bit approximation to the analog input. Note that SHA2 delays the analog signal while the 6-bit ADC makes its decision and the 6-bit DAC settles. The DAC approximation is then subtracted from the analog signal from SHA2, ampliﬁed, and digitized by a 7-bit ADC. The outputs of the two conversions are combined, and the extra bit used to correct errors made in the ﬁrst conversion. The typical timing associated with this type of converter is shown in Figure 4.3.8. 96
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Figure 4.3.7: 12-bit two-stage pipelined ADC architecture. SAMPLE X
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Figure 4.3.8: Typical pipelined ADC timing.



Note that the output data presented immediately after sample X actually corresponds to sample X–2, i.e., there is a two clock-cycle “pipeline” delay. The pipelined ADC architecture is generally associated with high speed ADCs, and in most cases the pipeline delay, or latency, is not a major system problem in most applications where this type of converter is used. Pipelined ADCs may have more than two clock-cycles latency depending on the particular architecture. For instance, the conversion could be done in three, or four, or perhaps even more pipelined stages causing additional latency in the output data. Therefore, if the ADC is to be used in an event-triggered (or single-shot) mode where there must be a one-to-one time correspondence between each sample and the corresponding data, then the pipeline delay can be troublesome, and the SAR architecture is advantageous. Pipeline delay or latency can also be a problem in high speed 97
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servo-loop control systems or multiplexed applications. In addition, some pipelined converters have a minimum allowable conversion rate and must be kept running to prevent saturation of internal nodes. Switched capacitor SAR ADCs generally have unbuffered input circuits similar to the circuit shown in Figure 4.3.9 for the AD7858/59 ADC. During the acquisition time, the analog input must charge the 20 pF equivalent input capacitance to the correct value. If the input is a DC signal, then the source resistance, RS, in series with the 125 Ω internal switch resistance creates a time constant. In order to settle to 12-bit accuracy, approximately 9 time constants must be allowed for settling, and this deﬁnes the minimum allowable acquisition time. (Settling to 14-bits requires about 10 time constants, and 16-bits requires about 11). TACQ > 9 × (RS + 125)Ω × 20 pF. For example, if RS = 50 Ω, the acquisition time per the above formula must be at least 310 ns. For AC applications, a low impedance source should be used to prevent distortion due to the non-linear ADC input circuit. In a single supply application, a fast settling rail-to-rail op amp such as the AD820 should be used. Fast settling allows the op amp to settle quickly from the transient currents induced on its input by the internal ADC switches. In Figure 4.3.9, the AD820 drives a lowpass ﬁlter consisting of the 50 Ω series resistor and the 10 nF capacitor (cutoff frequency approximately 320 kHz). This ﬁlter removes high frequency components which could result in aliasing and increased noise.



Figure 4.3.9: Driving switched capacitor inputs of AD7858/59 12-bit, 200 kSPS ADC.
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Using a single supply op amp in this application requires special consideration of signal levels. The AD820 is connected in the inverting mode and has a signal gain of –1. The noninverting input is biased at a common mode voltage of +1.3 V with the 10.7 kΩ/10 kΩ divider, resulting in an output voltage of +2.6 V for VIN = 0 V, and +0.1 V for VIN = +2.5 V. This offset is provided because the AD820 output cannot go all the way to ground, but is limited to the VCESAT of the output stage NPN transistor, which under these loading conditions is about 50 mV. The input range of the ADC is also offset by +100 mV by applying the +100mV offset from the 412 Ω/10 kΩ divider to the AIN– input. The AD789X-family of single supply SAR ADCs (as well as the AD974, AD976, and AD977) includes a thin ﬁlm resistive attenuator and level shifter on the analog input to allow a variety of input range options, both bipolar and unipolar. A simpliﬁed diagram of the input circuit of the AD7890-10 12-bit, 8-channel ADC is shown in Figure 4.3.10. This arrangement allows the converter to digitize a ±10V input while operating on a single +5 V supply. The R1/R2/R3 thin ﬁlm network provides the attenuation and level shifting to convert the ±10 V input to a 0 V to +2.5 V signal which is digitized by the internal ADC. This type of input requires no special drive circuitry because R1 isolates the input from the actual converter circuitry. Nevertheless, the source resistance, RS, should be kept reasonably low to prevent gain errors caused by the RS/R1 divider.



Figure 4.3.10: Driving single-supply ADCs with scaled inputs.
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SAR ADCs with Multiplexed Inputs Multiplexing is a fundamental part of many data acquisition systems, and a fundamental understanding of multiplexers is required to design a data acquisition system. Switches for data acquisition systems, especially when integrated into the IC, generally are CMOS-types shown in Figure 4.3.11. Utilizing the P-Channel and N-Channel MOSFET switches in parallel minimizes the change of on-resistance (RON) as a function of signal voltage. On-resistance can vary from less than 5 Ω to several hundred ohms depending upon the device. Variation in on-resistance Figure 4.3.11: Basic CMOS analog switch. as a function of signal level (often called RON-modulation) can cause distortion if the multiplexer must drive a load, and therefore RON ﬂatness is also an important speciﬁcation. Because of non-zero RON and RON-modulation, multiplexer outputs should be isolated from the load with a suitable buffer ampliﬁer. A separate buffer is not required if the multiplexer drives a high input impedance, such as a PGA, SHA or ADC—but beware! Some SHAs and ADCs draw high frequency pulse current at their sampling rate and cannot tolerate being driven by an unbuffered multiplexer. The key multiplexer speciﬁcations are switching time, on-resistance, onresistance ﬂatness, and off-channel isolation, and crosstalk. Multiplexer switching time ranges from less than 20 ns to over 1µs, RON from less than 5 Ω to several hundred ohms, and offchannel isolation from 50 to 90 dB. A number of CMOS switches can be connected to form a multiplexer as shown in Figure 4.3.12. The number of input channels typically ranges from 4 to 16, and some multiplexers have in-



Figure 4.3.12: Simpliﬁed diagram of a typical analog multiplexer.
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ternal channel-address decoding logic and registers, while with others, these functions must be performed externally. Unused multiplexer inputs must be grounded or severe loss of system accuracy may result. Complete Data Acquisition Systems on a Chip VLSI mixed-signal processing allows the integration of large and complex data acquisition circuits on a single chip. Most signal conditioning circuits including multiplexers, PGAs, and SHAs, can now be manufactured on the same chip as the ADC. This high level of integration permits data acquisition systems (DASs) to be speciﬁed and tested as a single complex function. Such functionality relieves the designer of most of the burden of testing and calculating error budgets. The DC and AC characteristics of a complete data acquisition system are speciﬁed as a complete function, which removes the necessity of calculating performance from a collection of individual worst case device speciﬁcations. A complete monolithic system should achieve a higher performance at much lower cost than would be possible with a system built up from discrete functions. Furthermore, system calibration is easier, and in fact many monolithic DASs are self calibrating, offering both internal and system calibration functions. The AD7858 is an example of a highly integrated IC DAS (see Figure 4.3.13). The device operates on a single supply voltage of +3 V to +5.5 V and dissipates only 15 mW. The resolution is 12-bits, and the maximum sampling frequency is 200 kSPS. The input multiplexer can be conﬁgured either as eight single-ended inputs or four pseudo-differential inputs. The AD7858 requires an external 4 MHz clock and initiates the conversion on the positive-going edge of the CONVST pulse which does not need to be synchronized to the high frequency clock. Conversion can also be initiated via software by setting a bit in the proper control register. AIN1 + − +
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Figure 4.3.13: AD7858 12-bit, 200 kSPS 8-channel single-supply ADC.
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The AD7858 contains an on-chip 2.5 V reference (which can be overridden with an external one), and the fullscale input voltage range is 0 V to VREF. The internal DAC is a switched capacitor type, and the ADC contains a self-calibration and system calibration option to ensure accurate operation over time and temperature. The input/ output port is a serial one and is SPI, QSPI, 8051, and µP compatible. The AD7858L is a lower power (5.5 mW) version of the AD7858 which operates at a maximum sampling rate of 100 kSPS. Sigma-Delta (Σ∆) Measurement ADCs Sigma-delta analog-digital converters (Σ∆ ADCs) have been known for nearly thirty years, but only recently has the technology (high-density digital VLSI) existed to manufacture them as inexpensive monolithic integrated circuits. They are now used in many applications where a low-cost, low-bandwidth, low-power, high-resolution ADC is required. There have been innumerable descriptions of the architecture and theory of Σ∆ ADCs, but most commence with a maze of integrals and deteriorate from there. In the Applications Department at Analog Devices, we frequently encounter engineers who do not understand the theory of operation of Σ∆ ADCs and are convinced, from study of a typical published article, that it is too complex to comprehend easily. There is nothing particularly difﬁcult to understand about Σ∆ ADCs, as long as you avoid the detailed mathematics, and this section has been written in an attempt to clarify the subject. A Σ∆ ADC contains very simple analog electronics (a comparator, a switch, and one or more integrators and analog summing circuits), and quite complex digital computational circuitry. This circuitry consists of a digital signal processor (DSP) which acts as a ﬁlter (generally, but not invariably, a low pass ﬁlter). It is not necessary to know precisely how the ﬁlter works to appreciate what it does. To understand how a Σ∆ ADC works, familiarity ■ Low Cost, High Resolution (to 24-bits) Excellent DNL, with the concepts of over-sampling, quan■ Low Power, but Limited Bandwidth tization noise shaping, digital ﬁltering, and ■ Key Concepts are Simple, but Math is Complex decimation is required. ◆ Oversampling



Let us consider the technique of over-sampling with an analysis in the frequency domain. Where a DC conversion has a quantization error of up to ½ LSB, a



◆ Quantization Noise Shaping ◆ Digital Filtering ◆ Decimation ■ Ideal for Sensor Signal Conditioning ◆ High Resolution ◆ Self, System, and Auto Calibration Modes



Figure 4.3.14: Sigma-delta ADCs. 102
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sampled data system has quantiza- A f QUANTIZATION Nyquist NOISE = q/12 Operation tion noise. A perfect classical N-bit q = 1 LSB ADC sampling ADC has an RMS quanf Oversampling f 2 + Digital Filter tization noise of q/√12 uniformly f B Kf + Decimation DIGITAL FILTER DIGITAL DEC distributed within the Nyquist ADC REMOVED NOISE FILTER band of DC to fs/2 (where q is Kf f Kf Oversampling 2 2 the value of an LSB and fs is the + Noise Shaping Filter sampling rate) as shown in Figure C Kf ++ Digital Decimation f REMOVED NOISE 4.3.15A. Therefore, its SNR with DIGITAL DEC Σ∆ FILTER MOD Kf f a full-scale sinewave input will be Kf 2 2 (6.02N + 1.76) dB. If the ADC is Figure 4.3.15: Oversampling, digital ﬁltering, less than perfect, and its noise is noise shaping, and decimation. greater than its theoretical minimum quantization noise, then its effective resolution will be less than N-bits. Its actual resolution (often known as its effective number of bits or ENOB) will be deﬁned by S
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If we choose a much higher sampling rate, Kfs (see Figure 4.3.15B), the quantization noise is distributed over a wider bandwidth DC to Kfs/2. If we then apply a digital low pass ﬁlter (LPF) to the output, we remove much of the quantization noise, but do not affect the wanted signal—so the ENOB is improved. We have accomplished a high resolution A/D conversion with a low resolution ADC. The factor K is generally referred to as the oversampling ratio. Since the bandwidth is reduced by the digital output ﬁlter, the output data rate may be lower than the original sampling rate (Kfs) and still satisfy the Nyquist criterion. This may be achieved by passing every Mth result to the output and discarding the remainder. The process is known as “decimation” by a factor of M. Despite the origins of the term (decem is Latin for ten), M can have any integer value, provided that the output data rate is more than twice the signal bandwidth. Decimation does not cause any loss of information (see Figure 4.3.15B). If we simply use over-sampling to improve resolution, we must over-sample by a factor of 22N to obtain an N-bit increase in resolution. The Σ∆ converter does not need such a high over-sampling ratio because it not only limits the signal passband, but also shapes the quantization noise so that most of it falls outside this passband as shown in Figure 4.3.15C.
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Chapter 4 CLOCK f If we take a 1-bit ADC (generally INTEGRATOR Kf known as a comparator), drive v A + N-BITS DIGITAL + ∫ Σ it with the output of an integraFILTER AND − tor, and feed the integrator with − DECIMATOR f LATCHED an input signal summed with the COMPARATOR (1-BIT ADC) output of a 1-bit DAC fed from the B V ADC output, we have a ﬁrst-order 1-BIT, Kf Σ∆ modulator as shown in Figure 1-BIT DATA STREAM 1-BIT 4.3.16. Add a digital low pass ﬁlter DAC −V (LPF) and decimator at the digital SIGMA-DELTA MODULATOR output, and we have a Σ∆ ADC: the Σ∆ modulator shapes the quanFigure 4.3.16: First order sigma-delta ADC. tization noise so that it lies above the passband of the digital output ﬁlter, and the ENOB is therefore much larger than would otherwise be expected from the over-sampling ratio. S
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Intuitively, a Σ∆ ADC operates as follows. Assume a DC input at VIN. The integrator is constantly ramping up or down at node A. The output of the comparator is fed back through a 1-bit DAC to the summing input at node B. The negative feedback loop from the comparator output through the 1-bit DAC back to the summing point will force the average DC voltage at node B to be equal to VIN. This implies that the average DAC output voltage must equal to the input voltage VIN. The average DAC output voltage is controlled by the ones-density in the 1-bit data stream from the comparator output. As the input signal increases towards +VREF, the number of “ones” in the serial bit stream increases, and the number of “zeros” decreases. Similarly, as the signal goes negative towards –VREF, the number of “ones” in the serial bit Q= stream decreases, and the number 1 (X − Y) QUANTIZATION X−Y f NOISE of “zeros” increases. From a very Y X ANALOG FILTER simplistic standpoint, this analysis Σ Σ H(f) = 1 + f shows that the average value of the Y − input voltage is contained in the serial bit stream out of the comparator. The 1 (X − Y) + Q Y= digital ﬁlter and decimator process the f REARRANGING, SOLVING FOR Y: serial bit stream and produce the ﬁnal X Qf Y= + output data. f+1 f+1 The concept of noise shaping is best explained in the frequency domain by considering the simple Σ∆ modulator model in Figure 4.3.17.
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Figure 4.3.17: Simpliﬁed frequency domain linearized model of a sigma-delta modulator. 104
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The integrator in the modulator is represented as an analog lowpass ﬁlter with a transfer function equal to H(f) = 1/f. This transfer function has an amplitude response which is inversely proportional to the input frequency. The 1-bit quantizer generates quantization noise, Q, which is injected into the output summing block. If we let the input signal be X, and the output Y, the signal coming out of the input summer must be X – Y. This is multiplied by the ﬁlter transfer function, 1/f, and the result goes to one input to the output summer. By inspection, we can then write the expression for the output voltage Y as: Y=



1 (X − Y ) + Q f



This expression can easily be rearranged and solved for Y in terms of X, f, and Q: Y=



X Q⋅ f + f +1 f +1



Note that as the frequency f approaches zero, the output voltage Y approaches X with no noise component. At higher frequencies, the amplitude of the signal component decreases, and the noise component increases. At high frequency, the output consists primarily of quantization noise. In essence, the analog ﬁlter has a lowpass effect on the signal, and a highpass effect on the quantization noise. Thus the analog ﬁlter performs the noise shaping function in the Σ∆ modulator model. For a given input frequency, higher order analog ﬁlters offer more attenuation. The same is true of Σ∆ modulators, provided certain precautions are taken. By using more than one integration and summing stage in the Σ∆ modulator, we can achieve higher orders of quantization noise shaping and even better ENOB for a given over-sampling ratio as is shown in Figure 4.3.18 for both a ﬁrst and second-order Σ∆ modulator. The block diagram for the second-order Σ∆ modulator is shown in Figure 4.3.19. Third, and higher, order Σ∆ ADCs were once thought to be potentially unstable at some values of input. Recent analyses Figure 4.3.18: Sigma-delta modulators shape quantization noise. using ﬁnite rather than inﬁnite gains in the comparator have shown that this is not necessarily so, but even if instability does start to occur, it is not important, since the DSP in the digital ﬁlter and decimator can 105
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be made to recognize incipient instability and react to prevent it. Figure 4.3.20 shows the relationship between the order of the Σ∆ modulator and the amount of over-sampling necessary to achieve a particular SNR. For instance, if the oversampling ratio is 64, an ideal second-order system is capable of providing an SNR of about 80dB. This implies approximately 13 Figure 4.3.19: Second-order sigma-delta ADC. effective number of bits (ENOB). Although the ﬁltering done by the digital 120 THIRD-ORDER LOOP* ﬁlter and decimator can be done to any 21dB / OCTAVE 100 degree of precision desirable, it would SECOND-ORDER LOOP 80 be pointless to carry more than 13 15dB / OCTAVE SNR (dB) binary bits to the outside world. Addi60 FIRST-ORDER LOOP tional bits would carry no useful signal 9dB / OCTAVE 40 information, and would be buried in the * > 2nd ORDER LOOPS DO NOT quantization noise unless post-ﬁltering 20 OBEY LINEAR MODEL techniques were employed. 0
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The Σ∆ ADCs that we have described OVERSAMPLING RATIO, K so far contain integrators, which are Figure 4.3.20: SNR versus oversampling ratio low pass ﬁlters, whose passband for ﬁrst, second, and third-order loops. extends from DC. Thus, their quantization noise is pushed up in frequency. At present, most commercially available Σ∆ ADCs are of this type (although some which are intended for use in audio or telecommunications applications contain bandpass rather than lowpass digital ﬁlters to eliminate any system DC offsets). Sigma-delta ADCs are available with resolutions up to 24-bits for DC measurement applications (AD77XX-family), and with resolutions of 18-bits for high quality digital audio applications (AD1879). But there is no particular reason why the ﬁlters of the Σ∆ modulator should be LPFs, except that traditionally ADCs have been thought of as being baseband devices, and that integrators are somewhat easier to construct than bandpass ﬁlters. If we replace the integrators in a Σ∆ ADC with bandpass ﬁlters (BPFs), the quantization noise is moved up and down in frequency to leave a virtually noise-free region in the passband (see Reference 1). If the digital ﬁlter is then programmed to have its pass-band in this region, we have a Σ∆ ADC with a bandpass, rather than a lowpass characteris106
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tic. Although studies of this architecture are in their infancy, such ADCs would seem to be ideally suited for use in digital radio receivers, medical ultrasound, and a number of other applications. A Σ∆ ADC works by over-sampling, where simple analog ﬁlters in the Σ∆ modulator shape the quantization noise so that the SNR in the bandwidth of interest is much greater than would otherwise be the case, and by using high performance digital ﬁlters and decimation to eliminate noise outside the required passband. Because the analog circuitry is so simple and undemanding, it may be built with the same digital VLSI process that is used to fabricate the DSP circuitry of the digital ﬁlter. Because the basic ADC is 1-bit (a comparator), the technique is inherently linear. Although the detailed analysis of Σ∆ ADCs involves quite complex mathematics, their basic design can be understood without the necessity of any mathematics at all. For further discussion on Σ∆ ADCs, refer to References 2 and 3. High Resolution, Low-Frequency Sigma-Delta Measurement ADCs The AD7710, AD7711, AD7712, AD7713, and AD7714, AD7730, and AD7731 are members of a family of sigma-delta converters designed for high accuracy, low frequency measurements. They have no missing codes to 24-bits, and their effective resolutions extend to 22.5 bits depending upon the device, update rate, programmed ﬁlter bandwidth, PGA gain, post-ﬁltering, etc. They all use similar sigma-delta cores, and their main differences are in their analog inputs, which are optimized for different transducers. Newer members of the family, such as the AD7714, AD7730/7730L, and the AD7731/7731L are designed and speciﬁed for single supply operation. There are also similar 16-bit devices available (AD7705, AD7706, AD7715) which also operate on single supplies. The AD1555/AD1556 is a 24-bit two-chip Σ∆ modulator/ﬁlter speciﬁcally designed for seismic data acquisition systems. This combination yields a dynamic range of 120 dB. The AD1555 contains a PGA and a 4th-order Σ∆ modulator. The AD1555 outputs a serial 1-bit data stream to the AD1556 which contains the digital ﬁlter and decimator.
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4.4 Signal Conditioning High Impedance Sensors Many popular sensors have output impedances greater than several MΩ, and the associated signal conditioning circuitry must be carefully designed to meet the challenges of low bias current, low noise, and high gain. A large portion of this section is devoted to the analysis of a photodiode preampliﬁer. This application points out many of the problems associated with high impedance sensor signal conditioning circuits and offers practical solutions which can be applied to practically all such sensors. Other examples of high impedance sensors discussed are piezoelectric sensors, charge output sensors, and charge coupled devices (CCDs). Photodiode Preampliﬁer Design Photodiodes generate a small current which is proportional to the level of illumination. They have many applications ranging from precision light meters to high-speed ﬁber optic receivers.



Figure 4.4.1: High impedance sensors.



Figure 4.4.2: Photodiode applications. The equivalent circuit for a photodiode is shown in Figure 4.4.3. One of the standard methods for specifying the sensitivity of a photodiode is to state its short circuit photocurrent (Isc) at a given light level from a well deﬁned light source. The most commonly used source is an incandescent tungsten lamp running at a color temperature of 2850K. At 100 fc (footcandles) illumination (approximately Figure 4.4.3: Photodiode equivalent circuit. the light level on an overcast day), the short circuit current is usually in the picoamps to hundreds of microamps range for small area (less than 1mm2) diodes.
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The short circuit current is very linear over 6 to 9 decades of light intensity, and is therefore often used as a measure of absolute light levels. The open circuit forward voltage drop across the photodiode varies logarithmically with light level, but, because of its large temperature coefﬁcient, the diode voltage is seldom used as an accurate measure of light intensity. The shunt resistance RSH is usually in the order of 1000 MΩ at room temperature, and decreases by a factor of two for every 10ºC rise in temperature. Diode capacitance CJ is a function of junction area and the diode bias voltage. A value of 50 pF at zero bias is typical for small area diodes. Photodiodes may either be operated with zero bias (photovoltaic mode, left) or reverse bias (photoconductive mode, right) as shown in Figure 4.4.4. The most precise linear operation is obtained in the photovoltaic mode, while higher switching speeds are realizable when the diode is operated in the photoconductive mode at the expense of linearity. Under these reverse bias conditions, a small amount of current called dark current will ﬂow even when there is no illumination. There is no dark current in the photovoltaic mode. Figure 4.4.4: Photodiode modes of operation. In the photovoltaic mode, the diode noise is basically the thermal noise generated by the shunt resistance. In the photoconductive mode, shot noise due to conduction is an additional source of noise. Photodiodes are usually optimized during the design process for use in either the photovoltaic mode or the photoconductive mode, but not both. Figure 4.4.5 shows the photosensitivity Figure 4.4.5: Photodiode speciﬁcations: for a small photodiode (Silicon Detec- silicon detector part number SD-020-12-001. tor Part Number SD-020-12-001), and speciﬁcations for the diode are summarized in Figure 4.4.6. This diode was chosen for the design example to follow.
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op amps with bias current compensation (such as the OP97) have bias currents on the order of 100 pA at room temperature, but may be suitable for very high temperature applications, as these currents do not double every 10ºC rise like FETs. A FET-input electrometer-grade op amp is chosen for our photodiode preamp, since it must operate only over a limited temperature range. Figure 4.4.8 summarizes the performance of several popular “electrometer grade” FET input op amps. These devices are fabricated on a BiFET process and use P-Channel JFETs as the input stage (see Figure 4.4.9). The rest of the op amp circuit is designed using bipolar devices. The BiFET op amps are laser trimmed at the wafer level to minimize offset voltage and Figure 4.4.8: Low bias current precision BiFET op amps offset voltage drift. The offset (electrometer grade). voltage drift is minimized by ﬁrst trimming the input stage for equal currents in the two JFETs which comprise the differential pair. A second trim of the JFET source resistors minimizes the input offset voltage. The AD795 was selected for the photodiode preampliﬁer, and its key speciﬁcations are summarized in Figure 4.4.10.



Figure 4.4.9: BiFET op amp input stage.



Figure 4.4.10: AD795 BiFET op amp key speciﬁcations.



Since the diode current is measured in terms of picoamperes, extreme attention must be given to potential leakage paths in the actual circuit. Two parallel conductor stripes on a high-quality well-cleaned epoxy-glass PC board 0.05 inches apart running parallel for 1 inch have a leakage resistance of approximately 1011 ohms at +125°C. If there is 15 volts between these runs, there will be a current ﬂow of 150 pA. 111
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The critical leakage paths for the photodiode circuit are enclosed by the dotted lines in Figure 4.4.11. The feedback resistor should be thin ﬁlm on ceramic or glass with glass insulation. The compensation capacitor across the feedback resistor should have a polypropylene or polystyrene dielectric. All connections to the summing junction should be kept short. If a cable is used to connect the photodiode to the preamp, it should be kept as short as possible and have Teﬂon insulation.



Figure 4.4.11: Leakage current paths.



Guarding techniques can be used to reduce parasitic leakage currents by isolating the ampliﬁer’s input from large voltage gradients across the PC board. Physically, a guard is a low impedance conductor that surrounds an input line and is raised to the line’s voltage. It serves to buffer leakage by diverting it away from the sensitive nodes. The technique for guarding depends on the mode of operation, i.e., inverting or non-inverting. Figure 4.4.12 shows a PC board layout for guarding the inputs of the AD795 op amp in the DIP (“N”) package. Note that the pin spacing allows a trace to pass between the pins of this package. In the inverting mode, the guard traces surround the inverting input (pin 2) and run parallel to the input trace. In the follower mode, the guard voltage is the feedback voltage to pin 2, the inverting input. In both modes, the guard traces should be located on both sides of the PC board if at all possible and connected together.



Figure 4.4.12: PCB layout for guarding DIP package.
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A convenient way to convert the photodiode current into a usable voltage is to use an op amp as a current-to-voltage converter as shown in Figure 4.4.7. The diode bias is maintained at zero volts by the virtual ground of the op Figure 4.4.6: Short circuit current versus light amp, and the short circuit current intensity for photodiode (photovoltaic mode). is converted into a voltage. At maximum sensitivity, the ampliﬁer must be able to detect a diode current of 30 pA. This implies that the feedback resistor must be very large, and the ampliﬁer bias current very small. For example, 1000 MΩ will yield a corresponding voltage of 30 mV for this amount of current. Larger resistor values are impractical, so we will Figure 4.4.7: Current-to-voltage converter use 1000 MΩ for the most sensi(simpliﬁed). tive range. This will give an output voltage range of 10 mV for 10pA of diode current and 10 V for 10 nA of diode current. This yields a range of 60 dB. For higher values of light intensity, the gain of the circuit must be reduced by using a smaller feedback resistor. For this range of maximum sensitivity, we should be able to easily distinguish between the light intensity on a clear moonless night (0.001fc) and that of a full moon (0.1fc)! Notice that we have chosen to get as much gain as possible from one stage, rather than cascading two stages. This is in order to maximize the signal-to-noise ratio (SNR). If we halve the feedback resistor value, the signal level decreases by a factor of 2, while the noise due to the feedback resistor (4 kTR . Bandwidth) decreases by only 2. This reduces the SNR by 3 dB, assuming the closed loop bandwidth remains constant. Later in the analysis, we will see that the resistors are one of the largest contributors to the overall output noise. To accurately measure photodiode currents in the tens of picoamps range, the bias current of the op amp should be no more than a few picoamps. This narrows the choice considerably. The industry-standard OP07 is an ultra-low offset voltage (10 µV) bipolar op amp, but its bias current is 4 nA (4000 pA!). Even super-beta bipolar 110
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Things are slightly more complicated when using guarding techniques with the SOIC surface mount (“R”) package because the pin spacing does not allow for PC board traces between the pins. Figure 4.4.13 shows the preferred method. In the SOIC “R” package, pins 1, 5, and 8 are “no connect” pins and can be used to route signal traces as shown. In the case of the follower, the guard trace must be routed around the –VS pin.



Figure 4.4.13: PCB layout for guarding SOIC package.



For extremely low bias current applications (such as using the AD549 with an input bias current of 100 fA), all connections to the input of the op amp should be made to a virgin Teﬂon standoff insulator (“Virgin” Teﬂon is a solid piece of new Teﬂon material which has been machined to shape and has not been welded together from powder or grains). If mechanical and manufacturing considerations allow, the inverting input pin of the op amp should be soldered directly to the Teﬂon standoff (see Figure 4.4.14) rather than going through a hole in the PC board. The PC board itself must be cleaned carefully and then sealed against humidity and dirt Figure 4.4.14: Input pin connected to using a high quality conformal “virgin” Teﬂon insulated standoff. coating material.
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In addition to minimizing leakage currents, the entire circuit should be well shielded with a grounded metal shield to prevent stray signal pickup. Preampliﬁer Offset Voltage and Drift Analysis An offset voltage and bias current model for the photodiode preamp is shown in Figure 4.4.15. There are two important considerations in this circuit. First, the diode shunt resistance (R1) is a function of temperature—it halves every time the temperature increases by 10ºC. At room temperature (+25ºC) , R1 = 1000 MΩ, but at +70ºC it decreases to 43 MΩ. This has a drastic impact on the circuit DC noise gain and hence the output offset voltage. In the example, at +25ºC the DC noise gain is 2, but at +70ºC it increases to 24.



Figure 4.4.15: AD795 preampliﬁer DC offset errors.



The second difﬁculty with the circuit is that the input bias current doubles every 10ºC rise in temperature. The bias current produces an output offset error equal to IBR2. At +70ºC the bias current increases to 24 pA compared to its room temperature value of 1 pA. Normally, the addition of a resistor (R3) between the non-inverting input of the op amp and ground having a value of R1||R2 would yield a ﬁrst-order cancellation of this effect. However, because R1 changes with temperature, this method is not effective. In addition, the bias current develops a voltage across the R3 cancellation resistor, which in turn is applied to the photodiode, thereby causing the diode response to become nonlinear.
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The total referred to output (RTO) offset voltage errors are summarized in Figure 4.4.16. Notice that at +70ºC the total error is 33.24 mV. This error is acceptable for the design under consideration. The primary contributor to the error at high temperature is of course the bias current. Operating the ampliﬁer at reduced supply voltages, Figure 4.4.16: AD795K preampliﬁer total minimizing output drive requirements, output offset error. and heat sinking are some ways to reduce this error source. The addition of an external offset nulling circuit would minimize the error due to the initial input offset voltage. Thermoelectric Voltages as Sources of Input Offset Voltage Thermoelectric potentials are generated by electrical connections which are made between different metals at different temperatures. For example, the copper PC board electrical contacts to the kovar input pins of a TO-99 IC package can create an offset voltage of 40 µV/ºC when the two metals are at different temperatures. Common lead-tin solder, when used with copper, creates a thermoelectric voltage of 1 to 3 µV/ºC. Special cadmium-tin solders are available that reduce this to 0.3 µV/ºC. The solution to this problem is to ensure that the connections to the inverting and non-inverting input pins of the IC are made with the same material and that the PC board thermal layout is such that these two pins remain at the same temperature. In the case where a Teflon standoff is used as an insulated connection point for the inverting input (as in the case of the photodiode preamp), prudence dictates that connections to the non-inverting inputs be made in a similar manner to minimize possible thermoelectric effects. Preampliﬁer AC Design, Bandwidth, and Stability The key to the preampliﬁer AC design is an understanding of the circuit noise gain as a function of frequency. Plotting gain versus frequency on a log-log scale makes the analysis relatively simple (see Figure 4.4.17). This type of plot is also referred to as a Bode plot. The noise gain is the gain seen by a small voltage source in series with the op amp input terminals. It is also the same as the non-inverting signal gain (the gain from “A” to the output). In the photodiode preampliﬁer, the signal current from the photodiode passes through the C2/R2 network. It is important to distinguish between the signal gain and the noise gain, because it is the noise gain characteristic which determines stability regardless of where the actual signal is applied.



115



Chapter 4



Figure 4.4.17: Generalized noise gain (NG) Bode plot.



Stability of the system is determined by the net slope of the noise gain and the open loop gain where they intersect. For unconditional stability, the noise gain curve must intersect the open loop response with a net slope of less than 12 dB/octave (20 dB per decade). The dotted line shows a noise gain which intersects the open loop gain at a net slope of 12dB/octave, indicating an unstable condition. This is what would occur in our photodiode circuit if there were no feedback capacitor (i.e., C2 = 0). The general equations for determining the break points and gain values in the Bode plot are also given in Figure 4.4.17. A zero in the noise gain transfer function occurs at a frequency of 1/2πτ1, where τ1 = R1||R2(C1 + C2). The pole of the transfer function occurs at a corner frequency of 1/2πτ2, where τ2 = R2C2 which is also equal to the signal bandwidth if the signal is applied at point “B”. At low frequencies, the noise gain is 1 + R2/R1. At high frequencies, it is 1 + C1/C2. Plotting the curve on the log- log graph is a simple matter of connecting the breakpoints with a line having a slope of 45º. The point at which the noise gain intersects the op amp open loop gain is called the closed loop bandwidth. Notice that the signal bandwidth for a signal applied at point “B” is much less, and is 1/2πR2C2. Figure 4.4.18 shows the noise gain plot for the photodiode preampliﬁer using the actual circuit values. The choice of C2 determines the actual signal bandwidth and also the phase margin. In the example, a signal bandwidth of 16 Hz was chosen. Notice that a smaller value of C2 would result in a higher signal bandwidth and a corresponding reduction in phase margin. It is also interesting to note that although the signal bandwidth is only 16 Hz, the closed loop bandwidth is 167 kHz. This will have important implications with respect to the output noise voltage analysis to follow.
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Figure 4.4.18: Noise gain of AD795 preampliﬁer at 25°C.



It is important to note that temperature changes do not signiﬁcantly affect the stability of the circuit. Changes in R1 (the photodiode shunt resistance) only affect the low frequency noise gain and the frequency at which the zero in the noise gain response occurs. The high frequency noise gain is determined by the C1/C2 ratio. Photodiode Preampliﬁer Noise Analysis To begin the analysis, we consider the AD795 input voltage and current noise spectral densities shown in Figure 4.4.19. The AD795 performance is truly impressive for a JFET input op amp: 2.5 µV p-p 0.1 Hz to 10 Hz noise, and a 1/f corner frequency of 12 Hz, comparing favorably with all but the best bipolar op amps. As shown in the ﬁgure, the current noise is much lower than bipolar op amps, making Figure 4.4.19: Voltage and current noise of AD795. it an ideal choice for high impedance applications. The complete noise model for an op amp is shown in Figure 4.4.20. This model includes the reactive elements C1 and C2. Each individual output noise contributor is calculated by integrating the square of its spectral density over the appropriate frequency bandwidth and then taking the square root: RMS Output Noise Due to V1 =



∫V ( f ) 1
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In most cases, this integration can be done by inspection of the graph of the individual spectral densities superimposed on a graph of the noise gain. The total output noise is then obtained by combining the individual components in a rootsum-squares manner. The table below the diagram in Figure 4.4.20 shows how each individual source is reﬂected to the output and the Figure 4.4.20: Ampliﬁer noise model. corresponding bandwidth for integration. The factor of 1.57 (π/2) is required to convert the single pole bandwidth into its equivalent noise bandwidth. The resistor Johnson noise spectral density is given by: Eq. 4.4.2



VR = 4kTR



where k is Boltzmann’s constant (1.38 × 10−23 J/K) and T is the absolute temperature in K. A simple way to compute this is to remember that the noise spectral density of a 1 kΩ resistor is 4 nV/√Hz at +25ºC. The Johnson noise of another resistor value can be found by multiplying by the square root of the ratio of the resistor value to 1000 Ω. Johnson noise is broadband, and its spectral density is constant with frequency. Input Voltage Noise In order to obtain the output voltage noise spectral density plot due to the input voltage noise, the input voltage noise spectral density plot is multiplied by the noise gain plot. This is easily accomplished using the Bode plot on a log-log scale. The total RMS output voltage noise due to the input voltage noise is then obtained by integrating the square of the output voltage noise spectral density plot and then taking the square root. In most cases, this integration may be approximated. A lower frequency limit of 0.01 Hz in the 1/f region is normally used. If the bandwidth of integration for the input voltage noise is greater than a few hundred Hz, the input voltage noise spectral density may be assumed to be constant. Usually, the value of the input voltage noise spectral density at 1 kHz will provide sufﬁcient accuracy. It is important to note that the input voltage noise contribution must be integrated over the entire closed loop bandwidth of the circuit (the closed loop bandwidth, fcl, is the frequency at which the noise gain intersects the op amp open loop response). This is also true of the other noise contributors which are reﬂected to the output by the noise gain (namely, the non-inverting input current noise and the non-inverting input resistor noise).
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The inverting input noise current ﬂows through the feedback network to produce a noise voltage contribution at the output The input noise current is approximately constant with frequency, therefore, the integration is accomplished by multiplying the noise current spectral density (measured at 1 kHz) by the noise bandwidth which is 1.57 times the signal bandwidth (1/2πR2C2). The factor of 1.57 (π/2) arises when single-pole 3 dB bandwidth is converted to equivalent noise bandwidth. High Impedance Sensors Johnson Noise Due to Feedforward Resistor R1 The noise current produced by the feedforward resistor R1 also ﬂows through the feedback network to produce a contribution at the output. The noise bandwidth for integration is also 1.57 times the signal bandwidth. Non-Inverting Input Current Noise The non-inverting input current noise, IN+, develops a voltage noise across R3 which is reﬂected to the output by the noise gain of the circuit. The bandwidth for integration is therefore the closed loop bandwidth of the circuit. However, there is no contribution at the output if R3 = 0 or if R3 is bypassed with a large capacitor which is usually desirable when operating the op amp in the inverting mode. Johnson Noise Due to Resistor in Non-Inverting Input The Johnson voltage noise due to R3 is also reﬂected to the output by the noise gain of the circuit. If R3 is bypassed sufﬁciently, it makes no signiﬁcant contribution to the output noise. Summary of Photodiode Circuit Noise Performance Figure 4.4.21 shows the output noise spectral densities for each of the contributors at +25ºC. Note that there is no contribution due to IN+ or R3 since the noninverting input of the op amp is grounded.



Figure 4.4.21: Ouput voltage noise components spectral densities (nV/√Hz) at +25°C.
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Noise Reduction Using Output Filtering From the above analysis, the largest contributor to the output noise voltage at +25ºC is the input voltage noise of the op amp reﬂected to the output by the noise gain. This contributor is large primarily because the noise gain over which the integration is performed extends to a bandwidth of 167 kHz (the intersection of the noise gain curve with the open-loop response of the op amp). If the op amp output is ﬁltered by a single pole ﬁlter (as shown in Figure 4.4.22) with a 20 Hz cutoff frequency (R = 80 MΩ, C = 0.1 µF), this contribution is reduced to less than 1 µV Figure 4.4.22: AD795 photodiode preamp rms. Notice that the same results with offset null adjustment. would not be achieved simply by increasing the feedback capacitor, C2. Increasing C2 lowers the high frequency noise gain, but the integration bandwidth becomes proportionally higher. Larger values of C2 may also decrease the signal bandwidth to unacceptable levels. The addition of the simple ﬁlter reduces the output noise to 28.5 µV rms; approximately 75% of its former value. After inserting the ﬁlter, the resistor noise and current noise are now the largest contributors to the output noise. Summary of Circuit Performance The diagram for the ﬁnal optimized design of the photodiode circuit is shown in Figure 4.4.22. Performance characteristics are summarized in Figure 4.4.23. The total output voltage drift over 0 to +70ºC is 33 mV. This corresponds to 33 pA of diode current, or approximately 0.001 foot-candles. (The level of illumination on a clear moonless night). The offset nulling circuit shown on the non-inverting input can be used to null out the room temperature offset. Note that this method is better than using the offset null pins because using the offset null pins will increase the offset voltage TC by about 3 µV/ºC for each millivolt nulled. In addition, the AD795 SOIC package does not have offset nulling pins. Figure 4.4.23: AD795 photodiode circuit performance summary. 120
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The input sensitivity based on a total output voltage noise of 44 µV is obtained by dividing the output voltage noise by the value of the feedback resistor R2. This yields a minimum detectable diode current of 44 fA. If a 12-bit ADC is used to digitize the 10 V full scale output, the weight of the least signiﬁcant bit (LSB) is 2.5 mV. The output noise level is much less than this. Photodiode Circuit Tradeoffs There are many tradeoffs which could be made in the basic photodiode circuit design we have described. More signal bandwidth can be achieved in exchange for a larger output noise level. Reducing the feedback capacitor C2 to 1 pF increases the signal bandwidth to approximately 160 Hz. Further reductions in C2 are not practical because the parasitic capacitance is probably in the order of 1 to 2 pF. A small amount of feedback capacitance is also required to maintain stability. If the circuit is to be operated at higher levels of illumination (greater than approximately 0.3 fc), the value of the feedback resistor can be reduced thereby resulting in further increases in circuit bandwidth and less resistor noise. If gain-ranging is to be used to measure the higher light levels, extreme care must be taken in the design and layout of the additional switching networks to minimize leakage paths. Compensation of a High Speed Photodiode I/V Converter A classical I/V converter is shown in Figure 4.4.24. Note that it is the same as the photodiode preampliﬁer if we assume that R1 >> R2. The total input capacitance, C1, is the sum of the diode capacitance and the op amp input capacitance. This is a classical second-order system, and the following guidelines can be applied in order to determine the proper compensation.



Figure 4.4.24: Compensating for input capacitance in a current-to-voltage converter.
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The net input capacitance, C1, forms a zero at a frequency f1 in the noise gain transfer function as shown in the Bode plot. f1 =



1 2 πR2C1



Eq. 4.4.3



Note that we are neglecting the effects of the compensation capacitor C2 and are assuming that it is small relative to C1 and will not signiﬁcantly affect the zero frequency f1 when it is added to the circuit. In most cases, this approximation yields results which are close enough, considering the other variables in the circuit. If left uncompensated, the phase shift at the frequency of intersection, f2, will cause instability and oscillation. Introducing a pole at f2 by adding the feedback capacitor C2 stabilizes the circuit and yields a phase margin of about 45 degrees. f2 =



1 2 πR2C 2



Eq. 4.4.4



Since f2 is the geometric mean of f1 and the unity-gain bandwidth frequency of the op amp, fu, f2 =



Eq. 4.4.5



f1 ⋅ fu



These equations can be combined and solved for C2: C2 =



C1 2 πR 2 ⋅ f u



Eq. 4.4.6



This value of C2 will yield a phase margin of about 45 degrees. Increasing the capacitor by a factor of 2 increases the phase margin to about 65 degrees. In practice, the optimum value of C2 should be determined experimentally by varying it slightly to optimize the output pulse response. Selection of the Op Amp for Wideband Photodiode I/V Converters The op amp in the high speed photodiode I/V converter should be a wideband FET-input one in order to minimize the effects of input bias current and allow low values of photocurrents to be detected. In addition, if the equation for the 3 dB bandwidth, f2, is rearranged in terms of fu, R2, and C1, then f2 =



fu 2 πR2C1



Eq. 4.4.7



where C1 is the sum of the diode capacitance, CD, and the op amp input capacitance, CIN. In a high speed application, the diode capacitance will be much smaller than that of the low frequency preampliﬁer design previously discussed—perhaps as low as a few pF. 122
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By inspection of this equation, it is clear that in order to maximize f2, the FET-input op amp should have both a high unity gain-bandwidth product, fu, and a low input capacitance, CIN. In fact, the ratio of fu to CIN is a good ﬁgure-of-merit when evaluating different op amps for this application. Figure 4.4.25 compares a number of FET-input op amps suitable for Figure 4.4.25: FET-input op amp comparison table photodiode preamps. By inspecfor wide bandwidth photodiode preamps. tion, the AD823 op amp has the highest ratio of unity gain-bandwidth product to input capacitance, in addition to relatively low input bias current. For these reasons, it was chosen for the wideband photodiode preamp design. High Speed Photodiode Preamp Design The HP 5082-4204 PIN Photodiode will be used as an example for our discussion. Its characteristics are given in Figure 4.4.26. It is typical of many commercially available PIN photodiodes. As in most high-speed photodiode applications, the diode is operated in the reverse-biased or photoconductive mode. This greatly lowers the diode junction capacitance, but causes a small amount of dark current to ﬂow even when the diode is not illuminated (we will show a circuit which compensates for the dark current error later in the section). This photodiode is linear with illuminaFigure 4.4.26: HP 5082-4204 photodiode. tion up to approximately 50 to 100 µA of output current. The dynamic range is limited by the total circuit noise and the diode dark current (assuming no dark current compensation). Using the circuit shown in Figure 4.4.27, assume that we wish to have a full scale output of 10V for a diode current of 100 µA. This determines the value of the feedback resistor R2 to be 10 V/100 µA = 100 kΩ.
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Using the diode capacitance, CD = 4 pF, and the AD823 input capacitance, CIN = 1.8 pF, the value of C1 = CD + CIN = 5.8 pF. Solving the above equations using C1 = 5.8 pF, R2 = 100 kΩ, and fu = 16 MHz, we ﬁnd that: f1 C2 f2



= = =



274 kHz 0.76 pF 2.1 MHz.



In the ﬁnal design (Figure 4.4.27), note that the 100 kΩ resistor is replaced with three 33.2 kΩ ﬁlm resistors to minimize stray capacitance. The feedback capacitor, C2, is a variable 1.5 pF ceramic and is adjusted in the ﬁnal circuit for best bandwidth/pulse response. The overall circuit bandwidth is approximately 2 MHz. The full-scale output voltage of the preamp for 100 µA diode current is 10V, and the error (RTO) due to the photodiode dark current of 600 pA is 60 mV. The dark current error can be canceled using a second photodiode of the same type in the non- inverting input of the op amp as shown in Figure 4.4.27.



Figure 4.4.27: 2 MHz bandwidth photodiode preamp with dark current compensation.



High Speed Photodiode Preamp Noise Analysis As in most noise analyses, only the key contributors need be identiﬁed. Because the noise sources combine in an RSS manner, any single noise source that is at least three or four times as large as any of the others will dominate. In the case of the wideband photodiode preamp, the dominant sources of output noise are the input voltage noise of the op amp, VN, and the resistor noise due to R2, VN,R2 (see Figure 4.4.28). The input current noise of the FET-input op amp is negligible. The shot noise of the photodiode (caused by the reverse bias) is negligible because of the ﬁltering effect of the shunt capacitance C1. The resistor noise is easily calculated by knowing that a 1 kΩ resistor generates about 4 nV/√Hz, therefore, a 100 kΩ resistor generates 40 nV/√Hz. The bandwidth for integration is the signal bandwidth, 2.1 MHz, yielding a total output rms noise of:
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VN , R 2 RTO Noise = 40 1.57 ⋅ 2.1 ⋅ 10 6 = 73µVrms



Eq. 4.4.8



The factor of 1.57 converts the approximate single-pole bandwidth of 2.1 MHz into the equivalent noise bandwidth. The output noise due to the input voltage noise is obtained by multiplying the noise gain by the voltage noise and integrating the entire function over frequency. This would be tedious if done rigorously, but a few reasonable approximations can be made which greatly simplify the math. Obviously, the low frequency 1/f noise can be neglected in the case of the wideband circuit. The primary source of output noise is due to the high-frequency noise-gain peaking which occurs between f1 and fu. If we simply assume that the output noise is constant over the entire range of frequencies and use the maximum value for AC noise gain [1 + (C1/C2)], then  C1  VN RTO Noise ≈ VN  1 + 1.57 f2 = 250µVrms  C 2 



Eq. 4.4.9



The total rms noise referred to the output is then the RSS value of the two components: Total RTO Noise =



( 73)2 + (250 )2



= 260µVrms



Eq. 4.4.10



The total output dynamic range can be calculated by dividing the full scale output signal (10 V) by the total output rms noise, 260 µV rms, and converting to dB, yielding approximately 92 dB.



Figure 4.4.28: Equivalent circuit for output noise analysis



125



Chapter 4



High Impedance Charge Output Sensors High impedance transducers such as piezoelectric sensors, hydrophones, and some accelerometers require an ampliﬁer which converts a transfer of charge into a change of voltage. Because of the high DC output impedance of these devices, appropriate buffers are required. The basic circuit for an inverting charge sensitive ampliﬁer is shown in Figure 4.4.29. There are basically two types of charge transducers: capacitive and charge-emitting. In a capacitive transducer, the voltage across the capacitor (VC) is held constant. The change in capacitance, ∆C, produces a change in charge, ∆Q = ∆CVC. This charge is transferred to the op amp output as a voltage, ∆VOUT = –∆Q/C2 = –∆CVC/C2. Charge-emitting transducers produce an output charge, ∆Q, and their output capacitance Figure 4.4.29: Charge ampliﬁer for capacitive sensor. remains constant. This charge would normally produce an open-circuit output voltage at the transducer output equal to ∆Q/C. However, since the voltage across the transducer is held constant by the virtual ground of the op amp (R1 is usually small), the charge is transferred to capacitor C2 producing an output voltage ∆VOUT = –∆Q/C2. In an actual application, the charge ampliﬁer only responds to AC inputs. The upper cutoff frequency is given by f2 = 1/2πR2C2, and the lower by f1 = 1/2πR1C1. Low Noise Charge Ampliﬁer Circuit Conﬁgurations Figure 4.4.30 shows two ways to buffer and amplify the output of a charge output transducer. Both require using an ampliﬁer which has a very high input impedance, such as the AD745. The AD745 provides both low voltage and low current noise. This combination makes this device particularly suitable in applications requiring very high charge sensitivity, such as capacitive accelerometers and hydrophones. The ﬁrst circuit (left) in Figure 4.4.30 uses the op amp in the inverting mode. Ampliﬁcation depends on the principle of conservation of charge at the inverting input of
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the ampliﬁer. The charge on capacitor CS is transferred to capacitor CF, thus yielding an output voltage of ∆Q/CF. The ampliﬁer’s input voltage noise will appear at the output ampliﬁed by the AC noise gain of the circuit, 1 + CS/CF. The second circuit (right) shown in Figure 4.4.30 is simply a high impedance follower with gain. Here the noise gain (1 + R2/R1) is Figure 4.4.30: Balancing source impedances minimizes effects of bias currents and reduces input noise. the same as the gain from the transducer to the output. Resistor RB, in both circuits, is required as a DC bias current return. To maximize DC performance over temperature, the source resistances should be balanced on each input of the ampliﬁer. This is represented by the resistor RB shown in Figure 4.4.30. For best noise performance, the source capacitance should also be balanced with the capacitor CB. In general, it is good practice to balance the source impedances (both resistive and reactive) as seen by the inputs of a precision low noise BiFET ampliﬁers such as the AD743/AD745. Balancing the resistive high impedance sensors components will optimize DC performance over temperature because balancing will mitigate the effects of any bias current errors. Balancing the input capacitance will minimize AC response errors due to the ampliﬁer’s nonlinear common mode input capacitance, and as shown in Figure 4.4.30, noise performance will be optimized. In any FET input ampliﬁer, the current noise of the internal bias circuitry can be coupled to the inputs via the gate-to-source capacitances (20 pF for the AD743 and AD745) and appears as excess input voltage noise. This noise component is correlated at the inputs, so source impedance matching will tend to cancel out its effect. Figure 4.4.30 shows the required external components for both inverting and noninverting conﬁgurations. For values of CB greater than 300 pF, there is a diminishing impact on noise, and CB can then be simply a large mylar bypass capacitor of 0.01 µF or greater.
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A 40dB Gain Piezoelectric Transducer Ampliﬁer Operates on Reduced Supply Voltages for Lower Bias Current Figure 4.4.31 shows a piezoelectric transducer ampliﬁer connected in the voltageoutput mode. Reducing the power supplies to +5 V reduces the effects of bias current in two ways: ﬁrst, by lowering the total power dissipation and, second, by reducing the basic gate-to-junction leakage current. The addition of a clip-on heat sink such as the Aavid #5801 will further limit the internal junction temperature rise. Without the AC coupling capacitor C1, the ampliﬁer will operate over a range of 0°C to +85°C. If the optional AC coupling capacitor C1 is used, the circuit will operate over the entire –55°C to +125°C temperature range, but DC information is lost.



Figure 4.4.31: Gain of 100 piezoelectric sensor ampliﬁer.



Hydrophones Interfacing the outputs of highly capacitive transducers such as hydrophones, some accelerometers, and condenser microphones to the outside world presents many design challenges. Previously designers had to use costly hybrid ampliﬁers consisting of discrete low-noise JFETs in front of conventional op amps to achieve the low levels of voltage and current noise required by these applications. Now, using the AD743 and AD745, designers can achieve almost the same level of performance of the hybrid approach in a monolithic solution. In sonar applications, a piezo-ceramic cylinder is commonly used as the active element in the hydrophone. A typical cylinder has a nominal capacitance of around 6,000 pF with a series resistance of 10 Ω. The output impedance is typically 108 Ω or 100 MΩ. Since the hydrophone signals of interest are inherently AC with wide dynamic range, noise is the overriding concern among sonar system designers. The noise ﬂoor of the hydrophone and the hydrophone preampliﬁer together limit the sensitivity of the system and therefore the overall usefulness of the hydrophone. Typical hydrophone bandwidths are in the 1 kHz to 10 kHz range. The AD743 and AD745 op amps, with their low noise ﬁgures of 2.9 nV/Hz and high input impedance of 1010 Ω (or 10 GΩ) are ideal for use as hydrophone ampliﬁers.
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The AD743 and AD745 are companion ampliﬁers with different levels of internal compensation. The AD743 is internally compensated for unity gain stability. The AD745, stable for noise gains of ﬁve or greater, has a much higher bandwidth and slew rate. This makes the AD745 especially useful as a high-gain preampliﬁer where it provides both high gain and wide bandwidth. The AD743 and AD745 also operate with extremely low levels of distortion: less than 0.0003% and 0.0002% (at 1 kHz), respectively. Op Amp Performance: JFET versus Bipolar The AD743 and AD745 op amps are the ﬁrst monolithic JFET devices to offer the low input voltage noise comparable to a bipolar op amp without the high input bias currents typically associated with bipolar op amps. Figure 4.4.32 shows input voltage noise versus input source resistance of the bias-current compensated OP27 and the JFET-input AD745 op amps. Note that the noise levels of the AD743 and the AD745 are identical. From this ﬁgure, it is clear that at high source impedances, the low current noise of the AD745 also provides lower overall noise than a high performance bipolar op amp. It is also important to note that, with the AD745, this noise reduction extends all the way down to low source impedances. At high source impedances, the lower DC current errors of the AD745 also reduce errors due to offset and drift as shown in Figure 4.4.32.



Figure 4.4.32: Effects of source resistance on noise and offset voltage for OP27 (bipolar) and AD745 (BiFET) op amps.
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A PH Probe Buffer Ampliﬁer A typical pH probe requires a buffer ampliﬁer to isolate its 106 to 109 Ω source resistance from external circuitry. Such an ampliﬁer is shown in Figure 4.4.33. The low input current of the AD795 allows the voltage error produced by the bias current and electrode resistance to be minimal. The use of guarding, shielding, high insulation resistance standoffs, and other such standard picoamp methods used to minimize leakage are all needed to maintain the accuracy of this circuit. The slope of the pH probe transfer function, 50mV per pH unit at room temperature, has an approximate +3500 Figure 4.4.33: A pH probe buffer ampliﬁer with a ppm/°C temperature coefgain of 20 using the AD795 precision BiFET op amp. ﬁcient. The buffer shown in Figure 4.4.33 provides a gain of 20 and yields an output voltage equal to 1 volt/pH unit. Temperature compensation is provided by resistor RT which is a special temperature compensation resistor, 1 kΩ, 1%, +3500 ppm/°C, #PT146 available from Precision Resistor Co., Inc. (Reference 18). CCD/CIS Image Processing The charge-coupled-device (CCD) and contact-image-sensor (CIS) are widely used in consumer imaging systems such as scanners and digital cameras. A generic block diagram of an imaging system is shown in Figure 4.4.34. The imaging sensor (CCD, CMOS, or CIS) is exposed to the image or picture much like ﬁlm is exposed in a camera. After exposure, the output of the sensor undergoes some analog signal processing and then is digitized by an ADC. The bulk of the actual image processing is performed using fast digital signal processors. At this point, the imFigure 4.4.34: Generic imaging system for scanners or digital cameras. 130
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age can be manipulated in the digital domain to perform such functions as contrast or color enhancement/correction, etc. The building blocks of a CCD are the individual light sensing elements called pixels (see Figure 4.4.35). A single pixel consists of a photo sensitive element, such as a photodiode or photocapacitor, which LIGHT (PHOTONS) outputs a charge (electrons) proportional to the light (photons) that it is exposed to. The charge is accumulated PHOTO SENSITIVE ELEMENT during the exposure or integration time, e e e e e e and then the charge is transferred to e e e e e e POTENTIAL WELL ACCUMULATED CHARGE (ELECTRONS) the CCD shift register to be sent to the output of the device. The amount of ONE PHOTOSITE OR “PIXEL” accumulated charge will depend on the Figure 4.4.35: Light sensing element. light level, the integration time, and the quantum efﬁciency of the photo sensitive element. A small amount of charge will accumulate even without light present; this is called dark signal or dark current and must be compensated for during the signal processing. The pixels can be arranged in a linear or area conﬁguration as shown in Figure 4.4.36. Clock signals transfer the charge from the pixels into the analog shift registers, and then more clocks Figure 4.4.36: Linear and area CCD arrays. are applied to shift the individual pixel charges to the output stage of the CCD. Scanners generally use the linear conﬁguration, while digital cameras use the area conﬁguration. The analog shift register typically operates at frequencies between 1 and 10 MHz for linear sensors, and 5 to 25 MHz for area sensors. A typical CCD output stage is shown in Figure 4.4.37 along with the associated voltage waveforms. The output stage of the CCD converts the charge of each pixel to a voltage via the sense capacitor, CS. At the start of each pixel period, the voltage on CS is reset to the reference level, VREF causing a reset glitch to occur. The amount of light sensed by each pixel is measured by the difference between the reference and the video level, ∆V. CCD charges may be as low as 10 electrons, and a typical CCD output has a sensitivity of 0.6 µV/electron. Most CCDs have a saturation output voltage 131
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of about 500 mV to 1 V for area sensors and 2 V to 4 V for linear sensors. The DC level of the waveform is between 3 to 7 V. Since CCDs are generally fabricated on CMOS processes, they have limited capability to perform on-chip signal conditioning. Therefore the CCD output is generally processed by external conditioning circuits. The nature of the CCD output requires that it be clamped before being digitized by the ADC. In addition, offset and gain functions are generally part of the analog signal processing. CCD output voltages are small and quite often buried in noise. The largest source of noise is the thermal noise in the resistance of the FET reset switch. This noise may have a typical value of 100 to 300 electrons rms (approximately 60 to 180 mV rms). This noise, called “kT/C” noise, is illustrated in Figure 4.4.38. During the reset interval, the storage capacitor CS is connected to VREF via a CMOS switch. The on-resistance of the switch (RON) produces thermal noise given by the well known equation: Thermal Noise = 4kT ⋅ BW ⋅ RON



Eq. 4.4.11



The noise occurs over a ﬁnite bandwidth determined by the RON CS time constant. This bandwidth is then converted into equivalent noise bandwidth by multiplying the single-pole bandwidth by π/2 (1.57): Noise BW =



 π 1 1  = 2  2 πRON CS  4 RON CS



Eq. 4.4.12



Substituting into the formula for the thermal noise, note that the RON factor cancels, and the ﬁnal expression for the thermal noise becomes: Thermal Noise



kT C



Eq. 4.4.13



This is somewhat intuitive, because smaller values of RON decrease the thermal noise but increase the noise bandwidth, so only the capacitor value determines the noise. Note that when the reset switch opens, the kT/C noise is stored on CS and remains constant until the next reset interval. It therefore occurs as a sample-to-sample variation in the CCD output level and is common to both the reset level and the video level for a given pixel period. A technique called correlated double sampling (CDS) is often used to reduce the effect of this noise. Figure 4.4.39 shows one circuit implementation of the CDS scheme, though many other implementations exist. The CCD output drives both SHAs. At the end of the reset interval, SHA1 holds the reset voltage level plus the kT/C noise.



132



Sensor Signal Conditioning



Figure 4.4.37: Output stage and waveforms.



Figure 4.4.38: kT/C noise.



Figure 4.4.39: Correlated double sampling (CDS).
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At the end of the video interval, SHA2 holds the video level plus the kT/C noise. The SHA outputs are applied to a difference ampliﬁer which subtracts one from the other. In this scheme, there is only a short interval during which both SHA outputs are stable, and their difference represents ∆V, so the difference ampliﬁer must settle quickly. Note that the ﬁnal output is simply the difference between the reference level and the video level, ∆V, and that the kT/C noise is removed. Contact image sensors (CIS) are linear sensors often used in facsimile machines and low-end document scanners instead of CCDs. Although a CIS does not offer the same potential image quality as a CCD, it does offer lower cost and a more simpliﬁed optical path. The output of a CIS is similar to the CCD output except that it is referenced to or near ground (see Figure 4.4.40), eliminating the need for a clamping function. Furthermore, the CIS output does not contain correlated reset noise within each pixel period, eliminating the need for a CDS function. Typical CIS output voltages range from a few hundred mV to about 1 V full scale. Note that although a clamp and CDS is not required, the CIS waveform must be sampled by a sample-and-hold before digitization.



Figure 4.4.40: Contact image sensor (CIS) waveforms.



Analog Devices offers several analog-front-end (AFE) integrated solutions for the scanner, digital camera, and camcorder markets. They all comprise the signal processing steps described above. Advances in process technology and circuit topologies have made this level of integration possible in foundry CMOS without sacriﬁcing performance. By combining successful ADC architectures with high performance CMOS analog circuitry, it is possible to design complete low cost CCD/CIS signal processing ICs. The AD9816 integrates an analog-front-end (AFE) that integrates a 12-bit, 6 MSPS ADC with the analog circuitry needed for three-channel (RGB) image processing and sampling (see Figure 4.4.41). The AD9816 can be programmed through a serial interface, and includes offset and gain adjustments that gives users the ﬂexibility to 134
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perform all the signal processing necessary for applications such as mid- to high-end desktop scanners, digital still cameras, medical x-rays, security cameras, and any instrumentation applications that must “read” images from CIS or CCD sensors. The signal chain of the AD9816 consists of an input clamp, correlated double sampler (CDS), offset adjust DAC, programmable gain ampliﬁer (PGA), and the 12-bit ADC core with serial interfacing to the external DSP. The CDS and clamp functions can be disabled for CIS applications. The AD9814, takes the level of performance a step higher. For the most demanding applications, the AD9814 offers the same basic functionality as the AD9816 but with 14-bit performance. As with the AD9816, the signal path includes three input channels, each with input clamping, CDS, offset adjustment, and programmable gain. The three channels are multiplexed into a high performance 14-bit 6 MSPS ADC. High-end document and ﬁlm scanners can beneﬁt from the AD9814’s combination of performance and integration.



Figure 4.4.41: AD9816 Analog front end CCD/CIS processor.



Figure 4.4.42: AD9816 key speciﬁcations.
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